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ABSTRACT

This thesis explores the possibilities of the desigd realization of compact conventional
and substrate integrated waveguide structuresimpinoved performance taking advantage
of recent cross-coupled resonator filters theoryie@ments such as the modular filter
design approach using non-resonating nodes ameiektracted pole filters. Therefore, the

core of the thesis presents the following stagesark:

e Solution of electromagnetic problem for wave pragam in rectangular

waveguide structures; overview of substrate integravaveguides.

« Review of available design procedures for croselsal resonator filters;

realization of coupling matrix synthesis methodpyimization.

* Investigation of the possibility to implement filteg modules using E-plane
metallo-dielectric inserts in conventional rectalaguaveguides. Application of
the modules in configurations of bandpass and baad filters. Experimental

verification of the filters.

* Implementation of inline extracted pole filters ngi E-plane inserts in
rectangular waveguides. Use of generalized couptimefficients concept for
individual or coupled extracted pole sections. Degwment of new extracted
pole sections. Application of the sections in tlesign of compact cross-coupled

filters with improved stopband performance.

« Application of the techniques developed for conwerdl rectangular
waveguides to substrate integrated technology. Dpueent of a new negative
coupling structure for folded substrate integratesbnators. Design of improved

modular and extracted pole filters using subsiratgrated waveguides.
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CHAPTER 1

INTRODUCTION

The commercial success of the telecommunicatiorusitg has stimulated the quick
development of modern wireless communication teldgies. The rapid growth in
wireless internet, ultra-wideband systems, mohile laroadband personal communications,
satellite navigation and remote sensing systemschested a massive demand for new
microwave and millimetre-wave components capable moéeting more stringent
requirements. Filters, diplexers and multiplexesponsible for frequency selectivity, play
crucial role in these systems. The problem of thieient utilization of electromagnetic
spectrum imposes new challenges to design andaéah of microwave and millimetre-
wave filters. New solutions and techniques for dlesign of compact bandpass filters with
low insertion loss, high selectivity, and wide diapd are required for the development of
the next generation wireless and satellite systems.

1.1. Filters for Wireless Communications

Electronic filters are indispensable componentsiiany wireless systems and applications,
where these devices play an important role asidistators between wanted and unwanted
signals [1-1]-[1-4]. In the frequency domain, fikeare used to reject signals of certain
unwanted frequencies and pass signals of desieguéncies within a frequency band

specified for a certain application.

Filters perform a variety of different functions imodern full duplex personal
communications systems, which require transmit aweive filters for each transceiver
unit at the base station level. These can beidtedi using a block diagram of a full-duplex
superheterodyne transceiver with a single conversiage, as shown in Figure 1-1 [1-5, 1-
6].
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Figure 1-1: Block diagram of a full-duplex supedretlyne transceiver with single

conversion stage.

In this scheme, the top sequence of blocks is coedbinto the receiver, while the bottom
sequence constitutes the transmitter. These twieragshave a common voltage-controlled
oscillator, as well as an antenna with diplexerjciwhconsists of two bandpass filters
(BPF): BPF 1 and BPF 6. BPF 1 selects the recéieguency band signals and removes
interference caused by the leakage of the outmrtakifrom the transmitter. The main
requirements of this particular BPF include loweiri®n loss and high attenuation at the
transmitter band. BPF 6 reduces spurious radiapower from the transmitter and
attenuates noise from the receiver band. HenceBtRAF should have low insertion loss and
wide stopband. The BPF 2, placed after a low namselifier (LNA), is necessary for the
suppression of the unwanted image frequency sigwhlich appears at the same
intermediate frequency (IF) as the main signalraftavn-conversion. BPF 3, whose centre
frequency is equal to IF, plays the role of a clehraelection filter. Therefore, it should
have a narrow bandwidth and a sharp attenuatiah $kithe transmitter part, a narrow-
band BPF 4 rejects unwanted components of the bBadedignal received from the digital-
analog converter (DAC) before upconversion. Theopverting mixer generates unwanted
mixing products, which are rejected by the BPF laced before power amplifier (PA).
Transmit filters should exhibit low insertion loaad high selectivity in order to prevent

out-of-band intermodulation and adjacent channdkriarences and satisfy certain



regulatory and efficiency requirements. For cellggstems, a typical transmit filter has an
insertion loss of 0.8 dB and return loss of 20 dBthe passband; acceptable levels of

adjacent channel interference are specified in G&idards as C/A > -9 dB.

The evolution of filter design techniques has bdewen by the requirements of various
wireless systems (for example, military, sateliitecellular). Operating frequencies used in
modern communication systems have a very wide ratiggrefore, various types of

resonators and filters have been developed foerifit frequency bands in order to provide

optimal solution based upon certain applicatiorunesments [1-3].

Several types of resonators are employed in thdemmgntation of filters operating at
microwave and mm-wave frequency ranges. These artally grouped into three
categories [1-1]: lumped-elemeb€ resonators, planar resonators, and three-dimeaision
cavity-type resonators. Lumped-element resonaficy pre organized using chip inductors
and capacitors. This type of resonators is usddvatfrequencies and has small size but
relatively low Q-factor values. Microstrip and stripline resonatfits4], constructed as
sections of transmission lines, terminated in atstiloopen circuit, form a class of planar
resonators. These sections may have various shayeesider [1-7], hairpin [1-8], ring [1-
9] or patch [1-10] configurations. Microstrip anttigine filters are compact, cheap in
fabrication and easy to integrate with other congms, as they are usually printed on
dielectric substrate. However, this type of resorsats quite lossy@-factors between 50
and 300 at 1 GHz [1-1]) and has limited power haxgdcapability. In contrast, cavity
resonators such as coaxial, waveguide and dieldwnie very higl@Q-factors (up to 30000)
and are capable of handling high power levels. @daxd waveguide cavity resonators [1-
11]-[1-13] are organized as shortg@2-length transmission line sections, while digiect
resonators [1-14] are constructed as pieces otdied having different shapes (cube,
cylinder, torus etc.), which are mounted on supptitictures inside metallic housings. The
main disadvantage of this type of resonators isttley are massive and require a complex,

expensive and time-consuming fabrication process.



With the advent of substrate integrated wavegugiéVj technology [1-15], it has become
possible to combine cheap and simple planar cg'ctabrication processes with the main
benefits of the waveguide cavity structures. Thmesg@ombination can be realized using
all-metal or metallo-dielectric inserts in waveguitiousings, which may contribute to
miniaturization of waveguide resonators and filtgksl6]. The rapid progress in filter
design theory, which has resulted in the developroéthe non-resonating nodes (NRN)
concept [1-17, 1-18] for use in cross-coupled fdfehas provided new challenges to
engineering solutions required to take advantagéhefrecent theoretical achievements.
Improvements of full-wave electromagnetic simulato(EM) based upon quick
development of computing techniques and environreaable accurate simulations of the
advanced structures. This makes computer-aidedgrde$CAD) tools absolutely
indispensable for the efficient design and optimara of high-performance filters for

modern wireless communications.



1.2. Rectangular Waveguide Filters

Waveguide theory has been rigorously investigateer the past few decades and has
suggested many ways to design various circuits aomdponents, which use rectangular
waveguide as the main guiding medium for the prapag of electromagnetic waves.
Most filters at the microwave and mm-wave frequesctherefore, are produced either in
waveguide [1-19] (rectangular air-filled metal pipkelectric-filled or micromachined air-
filled) associated with bulkiness, or image guidel amonradiative dielectric guide [1-20]
with high associated loss. Standard configuratioinsuch filters use split block housing
with resonating and non-resonating cavities, andesponding transverse inductive and
capacitive irises between them organized in thealietblocks by milling. Despite the
numerous advantages of the waveguide cavitiesjcttlum process, required for the
implementation of these filters, is time-consumangl quite expensive. Moreover, each
new filter to be implemented requires a full faltion cycle in order to build its housing
blocks. The dimensions of the cavities, which datee their resonant frequency, appear to
be large for use at microwaves as well. This letmsa certain degree of bulkiness
(extremely important for satellite applications)daimflexibility in the design, especially
taking into account the growing demand for cheammact, and mass-producible devices.
The classical way of waveguide miniaturization ives the use of a dielectric filling,
which reduces the guide wavelength by a squareafoits relative permittivity. However,
lack of dielectrics with high permittivity and lolwss significantly restricts practicability of

this approach.

To overcome the issues related to the expensivecédion process, E-plane waveguide
filters have been proposed by Konishi and Uenakad&74 [1-21]. This type of filter uses
all-metal of metallo-dielectric inserts allocatedithin the E-plane of rectangular
waveguide, represented as two identical halve®o$ing. These inserts contain a sequence
of inductive obstacles, typically septa, at distarnd approximately half the wavelength
from each other. Such an approach is more flexiak,it does not require complex

fabrication of new waveguide housing; same housargbe used for the implementation of



another filter just by replacing the E-plane insé&tte inserts can be realized by employing
cheap and mass-producible technologies for faloicatf planar structures.

However, stopband performance of E-plane filtersy m@e insufficient for some
applications such as diplexers and multiplexers tduthe low attenuation level in upper
stopband (especially for low-order filters) and pus resonance, which appears at a
frequency of about 1.5 times the centre frequembg. low upper stopband attenuation can
be improved by increasing the filter order, bustbomes into conflict with the requirement
of compactness, since coupling septa may have svidthup to half the length of the

resonators, especially for narrow-band filters.

Figure 1-2: Configuration of an improved E-plansa®ator with embedded SRR.
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Figure 1-3: Typical frequency response of the imptbE-plane resonator with embedded
SRR.



It has been shown in [1-22] that the stopband peroce of E-plane resonators can be
improved by using ridges, which alter the cutoféequency of the waveguide, and
periodically loaded resonators [1-23] embedded iwitthe E-plane resonator, which
introduce a lowpass effect. Later, E-plane resasatoth embedded split ring resonators
(SRR) [1-24] and S-shaped resonators [1-16] capafbienerating a transmission zero in
the upper stopband have been proposed in ordechiev® compactness and stopband
improvement. The phenomenon has been related tanmagétrial effects produced by
periodical lattice composed of SRR and S-shapeshegsrs. However, it can be seen from
the typical configuration of the improved E-plankef with embedded SRR (shown in
Figure 1-2) that there is a single SRR availablbictv consists of two concentric split
rings. Hence, it is impossible to consider thegraission zero, which appears in the upper
stopband in the frequency response of this stradjresented in Figure 1-3), as an effect
of a periodic lattice employed. Therefore, thisusture has to be analyzed using standard

filter theory.



1.3. Substrate Integrated Waveguide Filters

Substrate integrated waveguides (SIW) have beeelalged as a compact, cheap, easy-to-
fabricate and mass-producible alternative to conwral rectangular waveguide structures.
Rapid growth of the SIW research area has beeremrbw adaptability of very well
developed theory of conventional waveguides. Camsefly, the main successful
approaches employed in waveguide filter design leen transferred to the SIW platform.
It has been found thaD-factor and power handling that can be achieved @tW
resonators are much higher than that attainable tvatlitional planar microstrip or stripline
solutions, which made the SIW cavities an attr&ctbject for application in direct- and
cross-coupled filters. However, the physical dimems of SIW circuits may be too large
for certain applications, especially those opetatiat low frequencies. Among the
approaches to achieve size reduction of SIW resonand filters there are ridged SIW [1-
26] and EBG-substrate [1-27] concepts. The usale@reced multilayer technologies, such
as LTCC, stimulated development of new folded SWBIW) structures, which not only
reduce the area occupied by waveguides or resenatora chip but also offer new
engineering solutions to the realization of advanc®ss-coupled filters with and without
non-resonating nodes (NRN). Two types of compadiWF&sonant cavities have been
proposed and compared in [1-28]; a quarter-wavéherpIW cavity, obtained by the
subsequent folding of a conventioi&-wavelength FSIW resonator, has been developed
and successfully employed for the implementationao€ross-coupled filter in [1-29];
another miniaturization technique for FSIW resorathas been developed in [1-30], a
directional filter based upon a half-mode SIW (HM§lhas been proposed in [1-31].

At present, development of new SIW cavity resorgafor available fabrication processes
can be considered as completed. Nevertheless, dimbication of SIW with different
transmission lines and implementation of internadl &xternal couplings between SIW
cavity resonators for the design of cross-coupi#drs still remain attractive areas of
investigation problems for researchers.



1.4. Aims and Obijectives of the Thesis

The aims and objectives of this work are to devetgmpact filters with improved
stopband performance for wireless applicationsgusomventional and substrate integrated
waveguide technologies.

The first aim of the project is to develop a degigacedure for direct-coupled filters with

improved E-plane resonators with embedded S-shagsdnators and SRRs. The
achievement of this aim requires the attainmergevkral objectives. The first objective is
to develop a model of the improved E-plane resosatehich is compatible with standard
filter synthesis procedures. This requires a cohmgmsive analysis of the structures; origin
of the generated transmission zero in the uppesbstad, as well as the origin of the
resonant frequency’s shift in comparison with staddE-plane resonators are to be
determined. The effects of the physical dimensiohghe structures on transmission
characteristics should be studied. The second gecs to establish the relationships
between parameters of the model and behavioureofdhl improved E-plane resonators,
which requires the development of an extractionc@dore. Such a procedure is also
needed for parameters’ extraction for the modelintéracting pairs of improved and

conventional E-plane resonators. Next, improvederl with transmission zeros in

stopband should be designed according to the dgwsigoedure in order to prove the
feasibility of the presented model and procedureldifonally, the possibilities of

designing improved E-plane resonators with embeddsdnators capable of generating
transmission zeros in the lower stopband are tstiidied. The opportunities offered by the

developed theoretical model should be considerethie purpose.

The second aim of this work is to study possibl@arfunities of realization of cross-
coupled filters with transmission zeros in convemal rectangular waveguides using all-
metal and metallo-dielectric E-plane inserts. Ting bbjective is to determine the types of
resonators and potential coupling schemes, which bz implemented in conventional
rectangular waveguide, taking into account the rietdygical constraints. Then a suitable

design procedure should be determined or develdpedhe realization of the cross-



coupled filter, which involves extraction of apprigtpe model parameters from simulated
data. Another objective is to study the possibitityimplement NRN and design cross-

coupled filters with NRN using the E-plane appraach

Finally, the third aim of the work is to investigapossible solutions available for
realization of cross-coupled filters with or withHddRN using SIW technology. The main
objective is to create new SIW filters with impradvperformance using the approaches
developed in this work for conventional rectangwl@aveguides. An additional objective is
to study the available SIW filter design and impéation techniques and find potential

engineering solutions, which may improve their perfance.
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1.5. Outline of the Thesis

This thesis presents the work, which has beenechaut for a period of almost four years,
between 2007 and 2010. It is organized into sehapters.

Chapter 2 presents a brief introduction into thimgyples of operation of conventional
rectangular waveguide. It includes an overviewld basic electromagnetic field theory
with regards to propagation in rectangular waveggsiidnder specific boundary conditions.
Analytical expressions for electromagnetic fieldsl anain characteristics are derived for
propagating modes. Also, an overview of advancelstsate integrated waveguide

structures is given.

Chapter 3 presents an overview of available fiftesign procedures. The chapter outlines
methods of transfer function approximation and s@suon lowpass prototype synthesis
techniques for direct- and cross-coupled filtersougling matrix representation is
introduced for cross-coupled filters; methods ofiglong matrix synthesis for filters with
and without direct source-load couplings are presserAdvanced techniques employed to
generate transmission zeros in filter stopbandscansidered. Next, frequency mapping
procedure and corresponding circuit transformatiéms lowpass filter prototypes are
outlined. Finally, a brief overview of filter impleentation and modern optimization
techniques is presented.

Chapter 4 is dedicated to the development of ccospled filters with improved stopband
performance in conventional rectangular waveguidengs E-plane metallo-dielectric

inserts. Brief introduction into the concept of pbng coefficients and their extraction

from transmission characteristics is given. Sevéitars based upon a combination of
stripline resonators and E-plane septa are desi@mablet structure for use in modular E-
plane filters with non-resonating nodes, which apable of generating two transmission
zeros, is introduced. Dual-band filter based ondbeblet structures is realized using E-

plane metallo-dielectric inserts.
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In chapter 5, a model of the improved E-plane ratms with embedded S-shaped
resonators and SRR is developed and investigatad.shown that the structure can be
considered as an extracted pole section with NR @oncept of generalized coupling
coefficients for cross-coupled filters with NRN asitlined and applied to the design of
extracted pole filters using the new E-plane stmes. The extraction procedure for
obtaining the generalized coupling coefficientsnirdrequency responses of single and
coupled extracted pole sections is developed. Gordtions of new extracted pole sections
are proposed as a result of the analysis. Invegtigaon the effects of dimensions on the
generalized coupling coefficients, comparative gsial of stopband performances and
losses of the proposed extracted pole sectiongareed out. Dual-mode extracted pole
section, which generates a transmission zero itotler stopband, is synthesized based on
analysis of the developed model. Finally, seveitidrfdesign examples are presented in

order to validate the analysis.

Chapter 6 illustrates an application of the ex@rdgbole section model in compact SIW
filters with improved stopband performance. Singletl doublet structures generating one
and two transmission zeros respectively are prapéseuse in SIW filters. Consequently,
inline modular filters composed of these modules @designed. Additionally, a negative
coupling structure for use in FSIW cross-coupledomator filters is proposed and
investigated. Hence, a bandpass filter with notrelcture is designed in order to prove the

feasibility of the approach.

Finally, in chapter 7, the main conclusions of thesis are presented; a summary of

contributions of this work is given and some recaenduations for future work are offered.
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CHAPTER 2

RECTANGULAR WAVEGUIDES

2.1. Introduction

Rectangular waveguides and components based ugom #ine widely used in various
microwave and millimetre-wave communication systeraspecially airborne platforms,
communication satellites, earth stations, and es®lbase-stations due to their numerous
advantages such as high power handling capabititl ragh Q-factor values revealed by
waveguide cavities. However, conventional wavegigie bulky and unsuitable for high-
density integration, which greatly increases thst @i wireless systems. This poses the
problem of waveguide miniaturization. An effectigelution to this problem requires

understanding of electromagnetic processes, whidh place within the waveguides.

In this chapter we will be concerned with the m@iimciples of operation of conventional
rectangular waveguide and its recently proposedtsatie integrated analogues. Section 2.2
presents an overview of the basic electromagnigid theory with regards to propagation
in rectangular waveguides. Maxwell’'s equationsiateoduced and analytical expressions
for fields in rectangular waveguide are derivedlwgir basis. In section 2.3, an overview of
substrate integrated waveguides is given. Conftgura of advanced substrate integrated
transmission lines are considered. The main priggedf several single- and multilayer

structures are briefly outlined.
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2.2. Electromagnetic Theory of Rectangular Waveguides

2.2.1 Maxwell's Equations
Electric and magnetic fields that vary with time governed by physical laws described by
a set of equations known collectively as Maxwedltpuations. The general form of time-

varying Maxwell’s equations can be written in difatial form as [2-1]:

OxE =—a—B, (2.2-1a)
ot
OxH :a_D+jS, (2.2-1b)
ot
0D =p,, (2.2-1c)
OB=p,, (2.2-1d)

where the variables involved are described as:

E (V/m) — Electric field intensity;

H (A/m) — Magnetic field intensity;
D (C/nf) — Electric flux density;

B (W/m? — Magnetic flux density;
J, (A/m?) — Electric current density;

0. (CInt) — Electric charge density;

Each of the equations in (2.2-1) has its physicsdning. (2.2-1a), also known as Faraday’s
Law, means that variations of magnetic flux witinéi or/and fictitious magnetic current
play the role of sources of circulating electrieldi. Equation (2.2-1b) means that time
variations of electric flux or/and electric curraggnerate circulating magnetic field. This
equation is also known as Ampere’s Law. Equat®R2-(c) is the Gauss’s Law, which

shows that electric charges are sources of eld@fit Gauss’s Law for magnetic field is
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given in (2.2-1d). Since magnetic charge is knawhto exist, magnetic charge density is

usually presented as zero.

Another set of equations describes relationshigsvden the above parameters in any

medium in terms of its permittivity, permeability: and conductivity:

D=¢E (2.2-2a)
B=H (2.2-2b)
J=oE, (2.2-2¢)

where ¢ = geo, 4 = o Here, g and u, are the relative permittivity and relative
permeability of the propagation medium respectively and uo — permittivity and

permeability in vacuum.

The presented equations are valid for arbitraryetidependence; however, it is more
convenient to consider sinusoidal (harmonic) tirmpahdence with steady-state conditions
assumed. In this case, all the field quantities lbarrepresented in a form, where time

derivatives get eliminated. Let us consider a gida electric field withx-component of

the following form:

E(X Y,2,t) = XA(X Y,2,t) cOS@t + @) (2.2-3)

whereA is a real magnitudey is a radian frequency, is a phase reference of the wave at

t = 0. In phasor form, this field can be written as:

E(X Y.z t) = XA( % ¥ z )e’’ (2.2-4)
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Conversion from phasor to real time-varying quésits given as:

E(xy.zt) =Re[E(x ¥, 2) "] (2.2-5)

Assuming e’“ time dependence, the time derivatives in expressi@?2-1) can be
replaced withjw. Therefore, Maxwell's equations in phasor form hwvtiarmonic time

dependence now become [2-2]:

OxE=-jaB (2.2-6a)
OxH = jaD +J, (2.2-6b)
OE = o (2.2-6¢)
OmB=0 (2.2-6d)
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2.2.2 Electromagnetic Modes in Rectangular Waveguide

X

a

Figure 2-1: Configuration of a conventional rectalag waveguide.

Waveguides normally consist of a hollow or dieleetiiled conducting pipe with arbitrary
cross-section. In ideal case, both conductor ael@dric filling of waveguides are assumed
to be lossless. Analysis of possible configuratiohBelds, propagating in waveguides can
be accomplished by solution of Maxwell's equatidfsr steady-state time dependence, in
a source-free, linear, isotropic and homogeneogsome Maxwell's equations can be

transformed into the following form:

OxE =-jouH (2.2-7a)

OxH = jeeE (2.2-7b)

Taking curl of (2.2-7a) and using substitution frgth2-7b), these expressions can be

converted into Helmholtz equations (wave equatidmsglectric and magnetic fields:

’E+k’E=0 (2.2-8a)
[0?H +k?H =0 (2.2-8b)

where constank = a)\/ﬁ is called the wavenumber. In free spake k, = w\/ (4,&, -
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Assuming that the time-varying fields in wavegusteuctures propagate along the z-axis

(see Figure 2-1), the fields can be expressedrmstef the propagation constantas
E(xyz)= f{xy2e”, and the method of separation of variables carafyglied to

equations (2.2-8). Consequently, the Helmholtz 8gna can be transformed into:

O?E+k?E =0 (2.2-9a)
02H +k’H =0 (2.2-9b)
2 2
where [ = % +aa—y2 andk_ =+/y? +k*, referred to as the cutoff wavenumber.

After applying the derivatives into the Maxwell’'sirt equations, another form can be
obtained, separating transverse electric and miagoemponents of the field. Then the

transverse field components in term&glndH; are defined as [2-3]

E = —%( yaaiz . japaglzj (2.2-10a)
E, = %(- yaa% . ,Wag)'(zj (2.2-10b)
H, = %(— ya(';xz ¥ aa%} (2.2-10c)

y _%( ya;/z +jae j (2.2-10d)

When the longitudinal component (z-component) & #hectric field isE; # 0, while z-
component of the magnetic fiel, = 0, a particular set of solutions of equation2{20)
can be obtained. In this case it is clear thattredl magnetic field components will be
transversed to the direction of propagation. Thelenof propagation associated with such
field structure is, hence, called the transversgnatic (TM) mode. Similarly, another set

of solutions can be obtained whelg # 0, while E; = 0. The mode of propagation in this
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case does not have an electric field componentgatba direction of propagation and,
therefore, is called transverse electric (TE) mdsleth sets are independent and can be
used to characterize fields that propagate aloagMéveguide. For this purpose, the wave
equations should be solved for the longitudinal ponents of the electromagnetic field
with the specific boundary conditions [2-4]. Theéransverse field components can be
found from (2.2-10).

According to the method of separation of variabiles,solution of Helmholtz equations can
now be derived with the substitutégd andH, for the variablex andy [2-5]. For a set of
solutions wherk; = 0,

H, = X(x)[Y(y) (2.2-11)
WhereX(x) andY(y) are functions ok andy respectively.
From the new form of wave equations, boundary dmrd alongx- andy-axis determine
the cutoff wavenumbek.. This number, under such conditions, can only tdiserete
values, each of which corresponds to a cross-segtfield distribution pattern propagating
in thez-direction.
For TM modes propagating in the rectangular wawbguihe solution procedure involves
expressing the electric field, as a product of three functions, each of whica fanction
of one of the coordinate variables. Then, fromdbkitions of the Helmholtz equations, the

functionsX(x) andY(y) are given by

X (x) = Asin(k x) + Bcos(,x) (2.2-12a)
Y(y) =Csin(k,y) + Dcosk,y) (2.2-12b)

Hence, the complete solution for the longitudir@hponent of the field componet is
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E, =[Asin(k,x) + BcoskX)] [ICsin(k,y) + Dcosk, y)|[&”*  (2.2-13)

where

ke =k +k; (2.2-14)

andA, B, C, D, ky andk, can be found by applying boundary conditions am rietallic
walls of the waveguide so that tBgfield component on the walls is equal to zerothis
case, substituting = 0, we geB = 0; similarly,y = 0 leads td = 0O; forx = a it can be
derived thak.a = mz; andy = b yieldsk/b = nz, wherem andn are integers. Hencg; can

be re-written as:

E, =E, E'kin( m;uj Bin( ”Sy j 5 (2.2-15)

where Ey is an arbitrary amplitude of the electric field be determined based on the
amount of input power to the waveguide, white and n are the mode numbers,
representing the number of sinusoidal half-waveatians in the field in thex andy
directions. There is an infinite set of modes, mefg to as TM,, modes. It can be shown
that

=24k :(m?”j {%’j (2.2-16)

wherek = w\/ﬁ

By considering the cross-section of the waveguidd ealculating the number of half
sinusoidal variations of the field patterns alohg width and the height, we can define the
distribution patterns by a recognizable nomenctat8uch field distribution patterns are the

waveguide modes. The modes propagate independamdlyno coupling between them is
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observed. This characterizes that they are ortralgoneach other, according to the field
patterns, by which they are formed. Therefore, oeindary conditions and physical
characteristics of the waveguide, namely the waitt the height of the uniform structure,
define the number of half sinusoidal variationsoateferred to as order of the mode, i.e.
define certain values of the wavenumber, independémhe operating frequency of the
waveguide. The general solution for the field cgafations propagating in waveguides

may be obtained from the superposition of the T& B modes.

It has been shown in [2-4] that in a lossless wawy regardless of its type, wave
propagation occurs at frequencies where the prajeageonstany = o + £ is an imaginary
number ¢ = jp). If, on the contraryy is real ¢ = a), the wave decays with an attenuation
factor €** along the z-direction. The waveguide, in this case, is charamtd by
exponentially decaying modes, also referred tovas@scent modes; in real waveguides the
propagation constant has a complex value. Thustdar to provide propagation of waves

within the waveguide, the broad)(and narrow If) guide inner dimensions, and the
frequency of excitation from (2.2-16) should satigfie conditionk’ <k®. The lowest

possible excitation frequency for a waveguide tovalpropagation is the cutoff frequency,
and is obtained whefi= 0 from (2.2-16) as

nrr 2
+(Tj (2.2-17)

ok 1 (mﬂjz
© 2mfue 2mfue \\ a

It is evident that with the lower mode number, th#off frequency is reduced. At
frequencied > f., the propagation constant is purely imaginary isrchlled phase constant

S. In this case, in terms of the cutoff frequency #&yne written by

B =27t Jue /1—(‘:7] (2.2-18)
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Below the cutoff frequencied K fc), modes attenuate in thedirection. At the cutoff
frequency, modes neither propagate nor attenuateg btanding wave is formed along the
transverse coordinates, also known as transvessmaace. From (2.2-15) it is seen that
neither m nor n can be set to zero, as this leads to a trivialtgwl with all zero

components. Thus, the lowest-order TM mode isTM

The guide wavelength is defined as the distandbarz-direction of propagation required

for a phase change oft2Hence, for each propagating mode at operatirguéecyf,

(2.2-19)

wherelg is the free space wavelength. The guide waveleisgihnger than the length of

the wave propagating in free space at the sameadray.

The electromagnetic field transverse componentsafgropagating mode now can be
obtained, using (2.2-15) and substitutjng equations (2.2-10), for TM moddd,(= 0) as

E = —L—f(m—;on @O{mfjj E'l;in(nTnyJ & (2.2-20a)

E, :——ﬁ(””on E'kln(ma jmo{%”yj & i (2.2-20b)

E, =E, E'kin[ m:‘j Eﬁ;in( ”Sy & (2.2-20¢)

Ho=J ( jEOE'kln(m:( @o{”?’j[@‘iﬂz (2.2-20d)

y = ( j {m—J Bin(ﬂj & ¥ (2.2-20e)
a b
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From the transverse field components, the wave dapee for the TM modes can be
found. It is evident from (2.2-20) that

E
E- 5.8 (2.2-21)
H H, o«

y X

The obtained quantity is referred to as the wavgemance of the TM mode:

Zo - A =n 1—(Lj (2.2-22)
wWE f

where /7:\/Z is the intrinsic wave impedance of a plane wavepagating in an
£

unbounded medium of constitutive parameteasde.

The wave impedance is approaching the intrinsicemiapce of the dielectric at infinite
frequency and becomes imaginary (reactive) for pipagating modes. Thus, below the
cutoff frequency, where the wave impedance is imay, the wave is not capable of
producing the average power transfer. fAt f., wave impedance equals zero and the

waveguide is effectively shorted.

The wave impedance concept provides relation betvadectric and magnetic fields in

vector form [2-7]:

I,
1]
NI
X
Jm

(2.2-23)

where Z is the unit vector in the-direction.
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For TE modes propagating in the rectangular wavkgHi, is equal to zero and; is finite;
solutions for all the transverse components cambiained in a similar way as for TM

modes. The general expressionkrafter separation of variables in this case ismgive

H, =[Asin(k x) + BcoskX)] ICsin(k,y) + Dcosk y)|[&”  (2.2-24)

Applying the boundary conditions on the metalliclleseof the waveguide so that the

transverse components of the electric field eqasd,H, can be defined as

H,=H, E:o{ m”"j E:o{ ”Sy j i (2.2-25)
a

whereHy is an arbitrary amplitude of the magnetic field.

The field components for propagating TE modés <X 0, y = jf), consequently, can be

written as

E = :;“ [%TJHO m:o{m?j Bin(nTny R (2.2-26a)
E,=- jk“cj“ (m?ﬂjHo $in mTj m:o{”T”yj & (2.2-26b)
H, :L—f(m?” H, E'kin( m:x E:os( ngyj e (2.2-26¢)
H, = ﬁ(%}HO mo{ m:’( E'kin( ”k’f’ ) R (2.2-26d)
H, =H, Ed:o{ m:(J E:o{ ”:5’ j i (2.2-26¢)

In order to illustrate the obtained expression2-gh), a simulated distribution of electric

and magnetic fields for Tlgmode in a rectangular waveguide is presentedguargi2-2.
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(b)

Figure 2-2: Field distribution for mode T&n a rectangular waveguide:

(a) electric field; (b) magnetic field.

Eitherm or n can be equal to zero at once in (2.2-26) but ott.brherefore, taking into
account thaa > b, the lowest cutoff wave mode is the ;fihode. For this mode, the cutoff

frequency becomes

f=—t (’—TJZ S (2.2-27)
a

where v:i is the velocity of light in the dielectric mediurand sincev = Af, then

N HE
A. =2a. Typical frequency response of a rectangular waneg which reveals the cutoff

frequency at about 30 GHz is shown in Figure 2-3.
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Figure 2-3: Typical frequency response of a reatéargvaveguide.
Thus, broad inner dimensioa) (of the waveguide with a propagatingfEhode is equal to
half the free-space wavelength at the cutoff fregye Some examples of configurations of
the electromagnetic field in a rectangular waveguashd different types of propagating

waves are illustrated in [2-7].

The wave impedance for the JgEnode is given by
Z,.= % =7 (2.2-28)

The corresponding relation between electric and nag fields in vector form can be

written as
E=-Z.0ZxH,) (2.2-29)

whereZ is the unit vector in the-direction.
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For both types of the wave modes, the power traméémg the waveguide below the cutoff
frequency is zero if the conducting surfaces ofghele are perfect. Above the cutoff, for
the propagating modes, power per unit of area fearesi by thei™ mode along the
longitudinal direction of the waveguide is obtainaygl integrating the-component of the

Poynting vector over the cross-section of the waidsgy
P =ReE xH! ) (2.2-30)

where E, and H, are vectors of electric and magnetic field in ewhthe transverseand

y coordinates.
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2.3. Substrate Integrated Waveguides

Classical waveguide theory can still be used ireotd meet the modern requirements of
component parts for communication systems. Rectangumaveguide filters are well-
known to be of highly-rated performance due to llmsses and high power handling;
however, their difficulty in integration and higlbst makes them improbable for utilization
in low-cost high volume applications. This can balved by implementing design
techniques where rectangular waveguide is intedrat#h planar circuits on the same
substrate. Moreover, introduction of a dielectrigbstrate results in significant size
reduction without considerably degrading its perfance.

2.3.1. Conventional Substrate Integrated Waveguides
Design technique, where a rectangular waveguidgegrated with other planar circuits on
the same substrate using the microstrip-integreiiedit (MIC) technology, is known as
substrate integrated waveguide (SIW) technologys @pproach allows overcoming of the
major difficulties of standard rectangular wave@sdSIW structure preserves the guided
wave properties of the corresponding conventioeatangular waveguide with certain
equivalent width, which allows using the well-dey@d conventional waveguide

techniques for design and analysis of these strestu

Configuration of a SIW, introduced by Deslandes #hdin [2-8], is presented in Figure 2-
4. The structure consists of a microstrip line, &raostrip-to-SIW transition, and a

rectangular waveguide section, all integrated preae of a dielectric substrate. Generally,
various configurations of the transition sectioa available for realization; in Figure 2-4 a
taper transition is shown, which is designed inhsacway that the microstrip input and
output are 50 Ohm lines and the taper section gesvmatching by conversion of quasi-
TEM mode propagating in microstrip line into theaquTEe mode in rectangular

waveguide [2-8]. Side walls of the rectangular wpaude section can be realized using
arrays of metallic via-posts, metallized grooveastp side walls or other techniques.
Ground plane of the microstrip line becomes theédnotwall of the waveguide, while the

tapered microstrip line provides the top one.
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Figure 2-4: Configuration of a conventional SIWhits dimensions (top view).

Characteristics of the SIW have been studied ewpgrially in [2-9], where cutoff
frequencies of the first and the second propagatiwoges of SIWs have been analyzed.
Correspondence between the cutoff frequencieseo§jttasi- Tk and quasi-Tk modes of
the SIW, with respect to diameter of metallized-p@sts and spacing between them has
been evaluated. Figure 2-5 presents the calcutatadts for the cutoff frequencies of the

guasi-Thp and quasi-Tk modes of the SIW.

The obtained curves can be approximated by thevillg relations, obtained by the least

square approach:

c D2 )
f_ =~ [W- 231
TR0 2’/&[@ 0.95[53] ( )
c D2 p* )
f_o=— QW-——-—— 2.3-2
TR 2,/gr[€ 110b 6.6@)2] (2.3-2)
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Figure 2-5: Cutoff frequencies of the quasii§ Bnd quasi-Tk modes of the conventional
SIW vs. widthW for various via diameteid [2-9].

wherec is the speed of light in free space dni$ a distance between centers of adjacent
metallic posts forming side walls of the SIW. Nébat (2.3-1) and (2.3-2) do not depend
on thickness of the waveguide. The thickness willyoaffect the Q-factor of SIW
resonators, since it is directly proportional teaeator’s volume. Inaccuracy of formula
(2.3-1) appears to be within 5%. For (2.3-2), thaccuracy better than +4%/-9% is

possible. At the same time, it should be addedttiapresented approximations are valid

for b<% andb<4D.

Consequently, the SIWs are equivalent to conveatimttangular waveguides, and for the
fundamental propagating mode they can be analygsexk@angular waveguides just by
using an effective width of the SIW, provided thia¢ spacing between the side wall posts

is sufficiently small. This can be derived from32.) as follows

D2
W, =W - 2.3-3
eff 0.95[b ( )
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2.3.2Folded Substrate Integrated Waveguides

The concept of folded rectangular waveguides has peoposed and studied theoretically
in [2-10] for conventional waveguides, and substiategrated folded waveguides (FSIW)
based upon this approach have been developed@riggropoulos and Young [2-11]. The
new structures keep nearly the same propagation candff characteristics as the
conventional SIW, and allow saving of almost 50%aoéa at the cost of introducing
additional dielectric layer. The most popular cgofiations of the FSIW employed in
microwave and millimetre-wave circuits using a dedllayer substrate can be obtained by
single or double folding of a standard SIW alongtaia longitudinal axes. These
configurations are presented in Figure 2-6. Thetelenagnetic field in the resultant
structures undergoes an appropriate folding togetlih the certain metallic boundaries.
Hence, for the FSIW with single folding, its symnyeplane appears in horizontal plane
between two dielectric layers, while for the doufdided FSIW this retains vertical
position. Generally, FSIW with arbitrary folding rdtgurations may exist, which provide
saving of more than 50% of area, but these requi@re substrate layers for
implementation. Some multilayer technologies, faaraple LTCC, give the best fit for this
approach.

(a) (b)
Figure 2-6: Configurations of double-layer FSIW): lath single folding; (b) with double
folding.

Transmission characteristics of the singly-folde&dlW, shown in Figure 2-6a, have been

studied analytically and experimentally in [2-1Zhe FSIW have been considered as a

ridged waveguide with septum, represented by th&lhzation in symmetry plane, and
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expressions for propagation constgrand cutoff frequency. for quasi-Tk, mode have
been derived as follows:

2
ﬁFS,W:\/afys—Fcot'l('ua—W ﬂ (2.3-4)
a 2
1 h(1l 2
f = cot™ 4f hyuein| —| =-= 2.3-5
T [ e Lf[g am (2:35)
wherec: = 1.3 and
4e h(l_zgj
c="p~2/ (2.3-6)
T ¢ 9

The formulae (2.3-4) — (2.3-6) provide good accyraw more than 2% error) for FSIW
with substrate thicknesses and spaces betweenogis fess thai/20, where/. is the
cutoff wavelength of the FSIW.
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2.3.3Half-Mode Substrate Integrated Waveguides
Another modification of the SIW is a half-mode suate integrated waveguide (HMSIW),
which has been proposed by Hoeigal. in [2-13]. Configuration of the HMSIW, which
consists of half of a conventional SIW, is showrrigure 2-7. Operation of the HMSIW is
based on the following principle. For the quasikd BEhode of a conventional SIW, it is
known that the symmetric plane along the direcobpropagation (E-plane) is equivalent
to a magnetic wall; therefore half of the SIW viidlep the half field distribution unchanged
if cutting plane is a magnetic wall. In fact, theeo side aperture of the HMSIW is nearly

equivalent to a perfect magnetic wall due to higorbetween width and height.

e e L

Figure 2-7: Configuration of a HMSIW.

Investigation of propagation properties of the HMShas been carried out in [2-14]. It has
been shown that only quasi-J& o (p = 1, 2, ...) modes can propagate in the HMSIW due
to large width-to-height ratio of HMSIW and dis@etrrangement of metallic vias. The
dominant mode in the HMSIW is similar to half oetftundamental quasi-TEmode in the
conventional SIW; however mode nomenclature witthein 0.5 is used for HMSIW in

order to emphasize the half-mode type of the SIWWere this mode propagates.
Despite that one of the narrow walls is removetiMSIW, this type of SIW still retains

the cutoff property in its frequency response. @udtequency of the fundamental mode of
the HMSIW can be calculated by

C
forg,, =—————— (2.3-7)
h 4\/£_rvveff,HMSIW
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where Wessnmsiw is an effective width of HMSIW, which can be apgroated by the

following set of empirical expressions

W,

€

ff, HMSIW :VVe,ff,HMSIW +AW (23-8)

e

d? d?
W'ff,HMSIW =W - 054T + 005@ (23'9)

<

W2 104N, -261
AW _ ( 005+ %j D]n( 079 “‘TSMS'W + eff'Hr“]”j'W + 3—;3 + 2.77} (2.3-10)
&

HMSIW allows achieving almost 50% more compactt¢éirms of occupied PCB area) SIW
without addressing to multilayer solutions. At teame time, folded HMSIW using
multilayer substrates, which have been recentlpnted [2-15] as a further development of

this type of waveguides, is capable of further iowoang compactness of HMSIW.
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2.4. Summary

In this chapter, an overview of conventional antsttate integrated waveguide structures

has been presented.

In section 2.2 Maxwell's equations have been inicedl and briefly considered. Next,
these equations have been applied to solving #etremagnetic problem for conventional
rectangular waveguides. Analytical expressionselectromagnetic fields of TE and TM
modes, propagating in rectangular waveguides, lhaen derived. The main parameters
(propagation constant, cutoff frequency, wave ingoee) of the fundamental propagating

mode Tko have been obtained from analysis.

In section 2.3 the concept of substrate integratedeguides has been overviewed.
Conventional SIW has been introduced as a planatogne of standard rectangular
waveguide. Configurations of the half-mode and iayler folded modifications of SIW,
developed for the purpose of miniaturization, hagen presented. The main characteristics

and parameters of the SIW have been briefly redorte
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CHAPTER 3

DESIGN OF BANDPASSFILTERS

3.1. Introduction

Filters are key components of modern communicasigstems, which provide frequency
band separation. By passbands, the filters canldmsifted into five types: lowpass,
highpass, bandpass, bandstop and multiband. Fiksign is a complex engineering
problem, which requires a well developed methodpl@generally, filter design procedure

begins from a specification, and contains the ol several steps:

» approximation of the transfer function;
» synthesis of the filter prototype;
» scaling and conversion;

» physical implementation.

In this chapter we will be concerned with the aafalié solutions for the first three steps of
the filter design procedure. An overview of thensfer function approximation techniques
will be presented in Section 3.2. Section 3.3 dbssr the filter prototype synthesis
techniques for direct-coupled and cross-coupleterél Coupling matrices synthesis
techniques are considered. Several different appesafor the realization of transmission
zeros in stopband are considered, together withguleguidelines. In Section 3.4, the
frequency mapping procedure required for transftionaof the lowpass prototype is
presented. Finally, Section 3.5 briefly describbe filter implementation techniques,

together with the main ideas of modern optimizatiwethods for filter design.
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3.2. Transfer Function Approximation

The design of a filter usually starts with the deti@ation of the transfer function which
satisfies a given filter specification. Since tlinygical processes in electrical circuits can be
represented as integrals and derivatives of cigrantl voltages, it is convenient to use
complex variables for analysis of the circuits whlrmonic excitations in frequency
domain, and the transfer function can be specifismthematically as a ratio of two
polynomials of complex frequency= ¢ + jw. The analytical expression of the transfer
function provides an interface between the iniglecification and a lowpass filter
prototype with its cutoff frequency normalized taity. In this section we will briefly
outline the types of polynomials commonly used dpproximation of filter's frequency

responses.

3.2.1. Power Transfer Function and Characteristic Polynomals

I:)in4> —» Pout
Lossless ——
Linear
Source Network Load
K(s)
Prefin <+ Prefout

Figure 3-1: Doubly terminated lossless linear nekwo

Figure 3-1 illustrates a doubly terminated losslésssmission network which can
represent a lossless bandpass filter. AssumePhas the input power to be transmitted
through the circuit, whild>, is the output power available at the load. Sincgassive

circuits Pyt can not exceely,, it is convenient to denote, that:

o =1+|K(s)

out

2

s=jw’

(3.2-1)
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whereK(s) is a rational function i with real coefficients. On the other hand, theemed
power ratio from (3.2-1) is a squared magnitudéheftransmission coefficient, known in

transmission line theory as scattering parantgt€s):

N
1+ |K(s)]

s=jw

[Suu(s) (3:2-2)

Reflected power is characterized by the reflectomefficient, or scattering parameter

Si1(s), which is related (for lossless networksBe(s) through:

|S.Ll(SX2 + |SZI(S)|2 =1 (3.2-3)

It can be shown that for linear, time-invariantwetks S;1(S) can be represented as a ratio
[3-1]:

sk%E@ (3.2-4)

__Fs)
821(5) e EE(S) (3.2-5)
P(s)P(-s) = E(s)(E(-s)- £2[F(s)(F(- ) (3.2-6)

PolynomialsE(s), F(s) andP(s) are referred to as characteristic polynomialsemheination
of their coefficients from the given specificatiggpses the approximation problem.
Function K(s) is known as the characteristic function, whicm dze derived from the

characteristic polynomials using the following exgsion:
K(s)= s@ (3.2-7)
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In (3.2-7) the ripple constaatis employed in order to normalize the maximum aiugé
of the filter in passband. In synthesis procedwth lpolynomials are normalized so that
their highest coefficients are unity and the remtlconstant factor is absorbed in the ripple

constant.

Generally, various characteristic functions arelafbe for approximation; however several
classical functions are traditionally noted. Theme Butterworth, or maximally flat;
Chebyshev and inverse Chebyshev; Cauer, or elligtid their modifications. Properties

and features of these characteristic functionslm@issed in Sections 3.2.2-3.2.5.
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3.2.2. Butterworth Approximation
Butterworth, or maximally flat, approximation isettsimplest to an ideal lowpass filter.
This is an all-pole filter function which shows ni@al possible flatness of the insertion

loss curve in origin. The approximation is defirsd
K(w)=d, (3.2-8)

wheren is the degree of the prototype network. This sstgjthat Bj = 1 and F(s) = 5.

S-parameters of the filter prototype are determiad

Su(ja) = —1+if“ (3.2-9)
Su(ja)” = 1_?’;2 (3.2-10)

Consequently, the unknown coefficients of the pomral E(s) can be obtained from [3-2]:

in
2n

exp{%} n=2m+1

ex (2k - 1)} n=2m

S = (3.2-11)

wherek=1, 2, ..., 2.

The calculated maximally flat prototype transmissicharacteristics corresponding to

different circuit orders are illustrated in Figug€.
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0 0.5 1 1.5 2
Normalized frequency, rad/s

Figure 3-2: Maximally flat filter responses for i@us filter ordersn.
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3.2.3. Chebyshev Approximation
Chebyshev approximation provides sharper slopddiwer filter ordern, in comparison
with the maximally flat approximation, but introdegcequal ripples in passband [3-2, 3-3].

Chebyshev characteristic function is defined as:
K(w)=¢T (), (3.2-12)

where T(w) is a Chebyshev polynomial of degmneeThus,P(s) = 1, F(s) = T(¢/j), and

expressions for S-parameters yield:

IS,(jw) = 1+£*Fn e (3.2-13)

IS.(jw)’ = 152‘;(2“’ ZU) (3.2-14)
Chebyshev polynomials can be defined by the folhgwiecursion relationship:

T,a(X) = 2XT,(x) - T, (%), (3.2-15)

whereTy(X) = 1 andT,(X) = x. Alternatively, a trigonometric expression canused:
T (x) = codnArccos) . (3.2-16)

The characteristic polynomi&(s) can be derived as a product of the left half-plapots

(i.e. withoy < 0) 5 = oxtjwk, Where:

o, = J_rsink(ismh‘1 1js,|n7—12k 1, (3.2-17a)
n & 2 n
= cosr{%sinh‘la cos” an'l, (3.2-17b)
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wherek=1, 2, ..., 2.

Typical frequency response of the Chebyshev fgtetotype is illustrated in Figure 3-3.

0O o5 1 15 2 25 3
Normalized frequency, rad/s

Figure 3-3: Lowpass prototype filter frequency m@sge of Chebyshev type.
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3.2.4. Generalized Chebyshev Approximation
Generalized Chebyshev (or pseudo-elliptic) appraxiom makes possible the realization
of the filters with equiripple insertion loss ingsband and arbitrary placed transmission
zeros in stopband. This enables synthesis of higalgctive filters with sharp slopes and
asymmetrical frequency responses required for icedgplications, for example, base
station transmit filters. The location of the tramssion zeros is not restricted to being at
real frequencies only, and the coefficient of tHearacteristic polynomials generally

become complex values.

The generalized Chebyshev characteristic funcgatefined as

K(w)=eT, (w) (3.2-18)
where
C,(w)=cos icosh‘l(x )j (3.2-19)
ey (3.2-20)
1-wl ay,

Here,w is the angular frequency variable ang;is the position of thé" transmission zero

to be realized. Consequently, the transmissionficteit is expressed as follows [3-2]:

1

= 3.2-21
1+ £°C2(w) ( )

|S,,(@)

Taking into account the equation (3.2-7), the fittg functionCy(w) can be rewritten as a

ratio of two polynomials:

C(w)= e () (3.2-22)
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with the denominator directly composed from thasraission zeros

N

Py (@)= I (=) (3.2-23)

while the numeratofy(w) is calculated using a recursive technique [3-4]:

Fu(@) =3[0 () + 61 (] (3:2-24
ol 1 1 |
G, (w)= -—— |+d | 1-—- 3.2-25
(w) 1| o) i) | (3229
a 1 1 |
G, = -—— | -d, || 1-—— 3.2-26
) :1| | “ Wi Wy ] ( )

whered =+ o/ -1.

In [3-5] an alternative recursive technique forasbing the characteristic polynomials can
be found.

0
g 40
= — S
4 80— Su h
B 120 —
-160 I I I B N B I
0 2 4 6 8 10

Frequency, GHz
Figure 3-4: Generalized Chebyshev (or pseudo-d)ifequency response with three
transmission zeros in upper stopband.
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An example of a generalized Chebyshev filter psgietfrequency response is shown in
Figure 3-4. More examples of filters with generaiZChebyshev responses will be given in

chapters 4 — 6 of this thesis.
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3.2.5. Elliptic Approximation
An elliptic approximation provides a solution wiglqual ripple of the insertion loss in both
passband and stopband. Due to this property ithesharpest possible attenuation slope.
The characteristic function used for this type mbr@ximation is dependent on the Jacobian
elliptic function snX) and the complete elliptic integral of the firsindk K. The

characteristic function can be expressed as:

(n-1)/2
_ By
=3 forn odd, 3.2-27
] Hﬁaw 5220
n/2
K(s)= erj ((—2“% for n even, (3.2-28)

where a, = /sin@ BrivK (sind)]/n, v = 1, 2, ...,n. Here sil = oo o, andws are the

cutoff frequencies which determine the rippled s in the passband and stopband

respectively.

The unknown characteristic polynomials) can be composed of the left half-plane roots
calculated from the following equation:

1+£%K?(s)=0 (3.2-29)

Eventually, the transmission coefficient of ellgpfilter with m zeros €z;... wzy) andk
poles (p:... wpk) can be presented in form

2 1
Sl = gy -
o) P —dh)

(3.2-30)

where the location of all the poles and zeros Bs@iibed by filter specifications and
therefore there is no flexibility in comparison lwithe generalized Chebyshev type.
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Comprehensive explanation of filter approximatiaing elliptic functions can be found in
[3-6, 3-7].

0 0.5 1
Normalized frequency, rad/s

Figure 3-5: Elliptic frequency response.

A typical frequency response of the filter withigdiic approximation is presented in Figure
3-5.
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3.3. Synthesis of Filter Prototypes

The next step of the filter design procedure is $lipthesis of the equivalent network
prototype, which is capable of reproducing the dfan function derived as a result of
approximation process. The filter prototype actsaas interface between an abstract
filtering function and a structure to be realiz&the equivalent circuit should model the
electrical performance of the real constructiont théll implement the filter, so that

dimensions of components can be obtained from elenadues of the prototype. Usually,
the normalized lowpass filter prototypes are choaerequivalent networks, which can
further be converted into bandpass, bandstop, ghr-pass filter prototypes by applying of
the frequency transformation (or frequency mappimgcedure (see Section 3.4). In this
section, a brief overview of the most popular egléwt circuits and their elements is given,

as well as the available methods for network sygithare presented.

3.3.1. Elements of Filter Prototypes

Generally, filter prototype networks are synthediz# several standard basic elements,
which model electrical characteristics of a coroegpng real component. Variety of

different circuit elements is currently known to txeated for the purpose of convenient
filter design in different technologies; howeverlyothose elements used below in this
thesis will be considered in the current sectiome Tost commonly used elements can be

collected in the following list:

* resistors;

* inductors;

* capacitors;

* impedance/admittance inverters;

» frequency independent reactances.

The schematic circuit representations of the elésnen the above list are given in Figure
3-6.
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Figure 3-6: Schematic representations of the contyngsed prototype elements:

(a) resistor; (b) inductor; (c) capacitor; (d) F(R) inverter.

Resistors are usual frequency independent resistleenents, playing the roles of

termination loads in filter prototype circuits. Qbusly, the resistors are used to account
for losses in prototype networks; however, protesyare considered as lossless circuits in
order to simplify analysis of the filters. In adeaul lossy filters resistors are deliberately

included in prototypes to form the required preatisbns [3-8].

Inductors and capacitors represent standard lesskesctances directly and inversely
proportional to frequency, with electrical charaisticcs modeled by formulae presented in

Figure 3-6.
Frequency invariant reactance (FIR) is a non-stahei@ment introduced by Baum [3-9] to

account for centre frequency shifts of the resasatoasynchronously tuned filters. This is

an abstract lossless element with constant reaetimoughout the entire frequency range,
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which is widely applied in the recently develop@mcept of the filters with non-resonating
nodes (NRN).

An inverter is a lossless, reciprocal, frequendependent, symmetrical two-port network
which inverts and scales any impedance connectets toutput port, i.e. the impedance
seen from the input of the inverter is inverselppartional to the load impedance (see
circuit and expression in Figure 3-6). Very oftée inverter is defined by its transfer (or
ABCD) matrix, which is convenient for analysis ofdiltcircuits using matrix methods:

A B] |0 K G31)
CD_%O '

Impedance inverters are commonly used in filtersedaon distributed circuits such as
microwave and millimeter wave filters which ofteancnot be realized using lumped
elements due to their very small size. It must b&ed that impedance inverters with
proportionality constarK are usually referred to &inverters, while admittance inverters
with proportionality constand are referred to ag-inverters. For admittance inverters

loaded with admittanc¥_ at output, the following equation is correct:

Y == (3.3-2)

Consequently, aK-inverter can be considered as Jinverter using the simple

transformation:

J== (3.3-3)

An impedance/admittance inverter can be realizedinktance, as a discontinuity arranged

between two sections of homogeneous transmissiendr as a quarter-wavelength section
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of transmission line (known as quarter-wavelengéamdformer). More information about

realization of impedance and admittance invertarshe found in [3-1, 3-2, 3-3].
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3.3.2. Ladder Networks

Figure 3-7: Ladder network.

One of the most commonly used circuits for theizaéibn of rational functions in filter
design is the ladder network. It is composed ofnshand series impedances in ladder
configuration (shown in Figure 3-7). The elemenluea of the prototype can be found
from input impedance/admittance of the filter bypdoying standard analysis technique for
ladder circuits [3-2]. Alternatively, for standditiering functions (Butterworth, Chebyshev
types), the element values can be found from taiMgsomptly computed based upon the

main filter specifications.

Ll L2 L3 LN.]_ LN
oY\ LYY LYY LYY
K12 K23 KN—1,N RL
C I —
O—e— ® ® - — — 9
C1:: le ::C2 J23 ::C3 CN-1:: ‘]N-l,N
oO—e— . ® - — — -8

Figure 3-8: Lowpass filter prototype with impedafackmittance inverters.
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As mentioned above, at micro- and millimeter wadestributed circuits are preferred
rather than lumped elements for simplicity, andstituis more practical to transform the
ladder network into the circuit shown in Figure 3where shunt and series elements are

connected through impedance or admittance inverters

Both types of circuits presented above are timanant and belong to the class of linear,
lossless and passive networks. In addition, thedadircuits are minimum phase networks,
where only one path for energy transmission betvgemce and load is possible. Hence,
the networks are capable of realizing frequencpaeses of Butterworth and Chebyshev
types, without any transmission zeros revealeckalt frequencies (also referred to as all-
pole filters). The continued fraction expansion moet applied to the expression of input
impedance/admittance is usually used for syntheddisese types of networks [3-3].

For the prototypes of generalized Chebyshev arigtiellfilters, the modified inverter-
coupled ladder networks, including frequency inaatireactance elements are commonly
used. Synthesis of these networks is carried ownbgloying extracted pole technique [3-
2, 3-10]. This synthesis method for the generaliZbéebyshev filters with non-resonating
nodes will be further discussed in details in Chaapt
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Figure 3-9: Ladder prototype network &t drder elliptic filter with symmetric response:

(a) cross-coupled circuit; (b) direct-coupled ealéwnt circuit.

An alternative technique of obtaining transmisst@nos at finite frequencies is available
using cross-coupled network topologies, where ntbas one path for the signal exists
between source and load [3-11]. Transmission zam$roduced by interaction of signals
which come to the load with different phase shiftghe phase shifts at a certain frequency
are opposite, then the signals cancel each otltetransmission zero appears; alternatively,
signals add up and no transmission zero reved2]3-

60



The simplest prototype of elliptic filter with synatmnically located transmission zeros can
be realized as cross-coupled ladder network showfigure 3-9a. This type of filters can
be synthesizes by employing even-odd-mode impedé&mmittances technique [3-1, 3-2].
Extraction of the element values of the prototy@m de significantly simplified by
bisecting the circuit along its symmetry plane, eathiconverts the initial cross-coupled
ladder network into the simple inverter-coupledréddi-coupled) ladder circuit with
frequency invariant susceptances shown in Figure9b.3- Even and odd
impedance/admittance of the prototype can be dérik@m the filtering function. More
details on synthesis of ladder filter prototypewaks can be found in [3-1, 3-2, 3-10].
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3.3.3. Multiple Coupled Resonators Circuit Model
As a development of the symmetric cross-coupled/ont topology, the multiple coupled
resonator bandpass prototype circuit has beendimtex by Atia and Williams [3-11, 3-13]
in 1970s. The proposed model, which consistsl oésonators coupled by transformers, is
shown in Figure 3-10a. Each resonator is repreddmtecapacitor of 1 F in series with the
self inductance of 1 H within each loop, so theonest frequency of all the resonators is
1 rad/s. Generally, each loop couples to everyrdtireugh mutual couplings between the
inductors; all values of the couplings are nornalizo a bandwidth of 1 rad/s. This circuit

is limited to support filter prototypes with symmetfrequency responses only.

1F 1F
o—j| —o
1F 1F 1F

1H 1H —_ 1H = — — (1H —_- 1H

(3) (N-1) (N) o
vg 124 M, AMBA " dg b 4
\ ﬁ 1 N-1 / MN, N/
Ivll,N
(a)

O—l:l—|
gL C.:I‘ EL C.:I‘
(2) (3)

KKQ_A v, B4

(b)
Figure 3-10: Models of the general coupled-resarfdter: (a) Atia-Williams [3-11];
(b) Cameron [3-10].

The above model has been further modified by CamgBel0]; frequency independent
reactance elements have been inserted in eachin®apies in order to account for resonant
frequency shifts of individual resonators, and émdhe circuit to represent asymmetric

characteristics. The network with FIR elementshisven in Figure 3-10Db.
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The multiple coupled resonators filter model casodie represented as a lowpass prototype
circuit. In this model, couplings assumed frequenoyariant are replaced by the

impedance inverters of the same values, while tsomators are replaced by series
inductors. Consequently, the FIR elements of tlopdobecome connected in series with

inductors. The lowpass prototype model of the comgpled filter is shown in Figure 3-11.

|S C RS M12 M23 MN-l,N

Figure 3-11: Lowpass prototype of the multiple-dedpresonators filter.

Frequency responses of the bandpass and lowpatstypes are related through the
bandpass-to-lowpass frequency transformation, wiitlhoe discussed in detail in Section
3.4.

3.3.3.1. Coupling Matrix Circuit Representation

Let us consider the circuit presented in FigureOB;lwhich operates between a voltage
source generating volts with an internal impedance B§ and a loadR_. By applying the
loop currents method (Kirchhoff's equations for ledaop) leading to series of equations,

the circuit can be represented with the followingtrx equation:
E(10,..0 =[R+sl+jM]di, iy ...y ] (3.3-4)

whereR is theNxN matrix, which contains the values of the sourcéoad impedances in
top left and bottom right corners with all the atleatries equal to zerd;is the identity
matrix; s is the complex frequency variable € jw); and M is the coupling matrix

containing values of mutual couplings betweenhalresonators:
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| X My Mg My |
My, X,
M =| M, (3.3-5)
: . Myin
_MlN My-an Xn h

Here, the entries of the main diagonal represemtviiues of the frequency independent

reactance elemenkg, also referred to as self-couplings.

MlL

— x \

ls C LI]RS Ms 1+ ijl My, 1+ I:]sz M;s My1n 1+ ﬂjBN My LI]RL
\ ¢ My A /

MSL

Figure 3-12: Lowpass prototype of theH2) cross-coupled filter.

Usually it is more convenient to normalize the seuand load impedances to unity
connecting them to the first/last resonators thhoagransformer, or through an inverter for
lowpass prototypes. Consequently, in this casedpling matrix becomedN(t+2) x (N+2).
Moreover, it is possible to generalize the modebkdging couplings between source/load
and each other resonator, as well as the diregiogubetween source and load. Hence, the
generalized lowpass prototype of a cross-couplest fivith direct coupling between input
and output can be represented by the network showiigure 3-12. The corresponding

coupling matrix for the prototype presented in FegB-12, takes the following form:
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0 Mg M, Mg |
Mg B My,
M=Mg,, M, . (3.3-6)
: L My
Mg My O]

3.3.3.2. Direct Synthesis of the NN Coupling Matrix

The problem of cross-coupled filter design liesderivation of the coupling matri¥,
which generates the transfer function able to fyatie filter specification given in terms of
the desired bandwidth, insertion loss, return ldpple constants, etc. The transfer function

is set explicitly by means of characteristic polynals discussed in Section 3.2.

ls @ LI]RS Vli [Y] 1v2 R,

Figure 3-13: Representation of tR& -order cross-coupled filter as a two-port network.

For the coupling matrix synthesis procedures firototype network from Figure 3-11
is considered as a two-port block, which operatgtsvéen a current source kfamperes
with internal impedance dRs, and load resistand® (see Figure 3-13). The prototype

network can be represented using the standard omoaggimittance matriy, defined by

il _ Yll Y12 % Vl _
LJ_[Yn Yzj [Vj (8:37)

Entries of theY-matrix can be derived from the characteristic polyialsP(s), F(s) and

equation:

E(s) throughABCD-matrix representation, or by employing the staddaocedure [3-14],
involving complex-even and complex-odd polynomiats, the expression for input

impedance/admittance.
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On the other hand, it can be shown that the elesrafrtheY-matrix can be written in terms
of theNxN coupling matrixM to be determined [3-15], and the frequency vaeiabt jo

as follows:

Yiu(s) = i[-M -al ] (3.3-8)
Yoo(s) = j[-M —ad [ (3.3-9)
Yoo(s) = Youls) = j[-M -l | (3.3-10)

The matrixM, real and symmetrical about its principal diagowah be decomposed using

its eigenvaluesi i =1,

~M =TIAIT! (3.3-11)

whereT — is anNxN matrix with rows of orthogonal vector¥, — is the transpose @fsuch

that T[T' =1 ; A —is a diagonal matrix containing the eigenvalﬁie‘a:l_N:
A O 0
0 A1 0
A=l (3.3-12)
0 O Ay

Therefore, the entries of the admittance matrixtmanewritten as follows:

Y,(s) = jFTA T - wl ] (3.3-13)

V()= T -] (3.3-14)

The solutions of the inverse eigenmatrix problemequations (3.3-13) and (3.3-14) yield

the following partial fraction expansions:
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Y,o(s)= JZN: T (3.3-15)

N
Vo) = 3 el (3.3-16)

It is clear from (3.3-15) and (3.3-16) that theegigalues of the coupling matrix, multiplied
by j, are equal to the roots of the denominator polyyarmmommon for admittances;»(s)

andYz,(s). On the other hand, the entries of the malrban be obtained from the residues

of the partial fraction expansions of thigparameters:

N
. I
Y, (s)= 22k 3.3-17
wlS)= 122 (33-17)
N
. I.
Y, (s)= 21k 3.3-18
als)= i 2 (3.3-18)
Hence,
T =om and le:—rilk (3.3-19)
22k

Generally, the terminating resistances are not abzed to unity; however the

normalization can be performed by inserting inusrtevith values Mg, =./R; and

My = \/ﬁ . These parameters can be obtained out of the keowvies of th&-matrix:
N N
M&=R=>T? and M =R =T} (3.3-20)
k=1 k=1

The rest of the rows of thE-matrix can be reconstructed by applying the Grarmnr8dt

orthonormalization process [3-16].
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3.3.3.3. Reduction of Coupling Matrix

The NxN coupling matrix obtained as a result of directtbgsis procedure generally
contains all nonzero entries. Physically, this nsefl/at every resonator is coupled to each
other, which is impossible or extremely difficuti tmplement by means of a practical
circuit. In order to overcome this issue, simikatitansformations (or rotations) are applied
to theM-matrix for annihilation of the unwanted couplingstil more convenient form is
obtained [3-4]. This procedure preserves the eigelas and eigenvectors of the coupling
matrix, which means that the transfer charactedstif the filter described by the new
coupling matrix remain unchanged in comparison Wl initial one. The last statement
implies that the certain transfer characteristio/rba realized by more than one unique
coupling matrix.

Similarity transformation with a pivot,[j] is defined as follows:

M, =R M, R (3.3-21)

whereMy — is the initial coupling matrixyl; — transformed coupling matri; — theNxN

rotation matrix of the following format:

1 0 - 0 0
0 cosg, 0 -sing, O
R,=|: 0 1 0 S (3.3-22)
0 sing, 0 cosd, O
o o - 0 1]

whereRyi = Ryj = c0$m andRyj = —Rmji = Sid,; 6 — is the rotation angle. For example,
the annihilation of a nonzero coupling elembht(as well as symmetric elemel;) can
be carried out by applying rotation with a pivé&t j[] with an angIeH:—tan‘l(M ! Mki).
More equations for annihilation of specific elenseat the coupling matrix are available in
[3-10].
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The reduction procedure consists of a sequenceinofagty transformations which
progressively annihilate the unwanted entries efabupling matrix. Usually the sequences
of rotations are applied to certain rows or colurohghe matrix, since a single rotation
with a pivot |, j] affects rows and columnsandj only; in addition, it is important that zero

entries in affected rows and columns remain zeer #fie transformation.

More information about physical interpretation bktsimilarity transformations can be
found in [3-19]. Example of the coupling matrix dexd by similarity transformations will
be given further in Section 5.

3.3.3.4. Direct Synthesis of the (N+2)(N+2) Coupling Matrix

The (N + 2)x(N + 2) coupling matrix is capable of representing tilly canonical filters,
which may realize the maximum &f transmission zeros at finite frequencies forNih
order network. This can be achieved by introdu@mngjrect coupling between source and
load.

The synthesis of theN(+ 2)x(N + 2) coupling matrix is carried out in two stefisst, the
initial coupling matrix for a canonical transversidtler prototype is synthesized; then, the
obtained transversal coupling matrix is convertethe desired configuration by means of
a sequence of the similarity transformations [33:Q.7].

The canonical transversal filter prototype netwatown in Figure 3-14a, consists f
lowpass resonators (represented as a capacitomaflR connected in parallel), each
coupled to source and load by inverters, while cmitpled to each other. The equivalent
circuit of each lowpass resonator with couplingshewn in Figure 3-14b. Direct coupling
between source and load is represented by invidger
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N-1

MSL
Source O

O Load

(@)

Mg, Ck+|;l]j5k M.

(b)

Figure 3-14: Canonical transversal array netwaakN{™-order circuit with direct source-

load coupling; (b) Representation of #i&branch in the transversal array.

It can be easily proved that the admittance matrof the N"-order canonical transversal

array network may be written as:

Y:j[ 0 MSL}ri 1 { M2, MSKMLK} (3:3.23)
Mg O a1 SG + B | MgM Msz

On the other hand, the entries of the admittanceim@é are rational functions, thus these

can be represented as patrtial fraction expansising poles and residues:

. O K & 1 rl]k r12k
Y= +y = 3-24
= 8.324)

1S~ PSR PV
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The constanK is equal to zero for all cases except for theyfahnonical. The constant
should be extracted from th&;(s) function, which numerator and denominator ar¢hef

same degre& is evaluated as follows:
K =Y,(s= joo) (3.3-25)

Consequently, the poles and residues for the exquédi.3-24) can be found from the new

expression for th&;;(9):
Y5,(8)=Y54(s) - iK (3.3-26)
From comparison of equations (3.3-23) and (3.3#2dan be concluded that the elements

of the canonical transversal network can be sttioghiardly relayed to the obtained poles

and residues:

r
G =1 B =-A; My =y Mg =—7% (3.3-27)

Vroa

The resultantN + 2)x(N + 2) fully-canonical coupling matrik for the transversal array is
symmetric about the principal diagonal, and hadahewing structure:

0 M31 Msz MSk MSN MSL
Ms B 0 0 0 M,
M,, 0 B, 0 0 M,
M=| A : (3.3-28)
Ms O 0 B, 0 M,
M O O 0 B, M,
MLS MLl MLZ MLk MLN 0 |
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The unnecessary couplings between source/load esuhators can be further annihilated
by applying the rotation procedure (see Section333 The similarity transformations
employed for the transversal coupling matrix leadhe appearance of nonzero couplings

between the resonators and affect their resonaguéncies.

3.3.3.5. Coupling Matrix Synthesis by Optimization

The N + 2)x(N + 2) coupling matrix can be synthesized by optation. The idea of this
technique is to determine the coupling malfixwhich generates the frequency response of
the filter, which minimizes a cost function compose account for the difference between
the response generated by the coupling matrix leadieal one [3-5, 3-18].

Standard Newton’s optimization procedure beginsnfrdetermination of the topology
capable of reproducing the required number of trassion zeros in the frequency
response; hence, the entries of the coupling mattikch are responsible for interaction of
the uncoupled resonators, are set to zero. Alldtier couplings are generally set to
arbitrary but reasonable values. The frequencyoresp generated by the initial matrix is
evaluated, as well as the corresponding cost fomcind gradients. Then, the coupling
matrix of the next iteration is composed on theidad the calculated gradients. The

procedure repeats until the cost function is mimediaccording to a certain criteria.

The optimization technique uses the lowpass coumsdnators model shown in Figure 3-

12. Analysis of the model using the loop currené&thud yields the matrix equation:
(- jR+QW+M)0 = A0 =-j[E (3.3-29)
whereRis a (N + 2)x(N + 2) matrix with two unity entrieB;; andRy+2 n+2; Wis a N +

2)%(N + 2) identity matrix, wher&Vi; = W2, nve2 = 0; Q is the normalized frequenclyis

the vector of loop currentg is the excitation vector.
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Transmission and reflection coefficients of the elathn be calculated by

S, =2 A\, (3.3-30)

S,=1+2jA; (3.3-31)
The cost function used for optimization is congtedcbased upon the notion that the
filtering functions for the generalized Chebyshdtefs are determined by the positions of

its poles and zeros; also, the ripple constantlghoeitaken into account. Consequently, the

cost function is composed by the following expressi

oF =38 (e +3 Sl ) +
(s g5 o055

where w,, and a,; are all theNZ zeros andNP poles of the filtering function.

(3.3-32)
£

S11(_ 1) - \/ﬁ

iz

The gradients of the cost function include the\dives of the transmission coefficients
with respect to the nonzero entries of the couptimagrix. These can be expressed as [3-
18]:

95 _

VI (A, A, P#Q (3.3-33)
pq

S - 2 yi (3.3-34)

pp

0 R - - -
SO =2 AL, T+ Al TR, P2 (3335
pq

95 i, A (3.3-36)

oM
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3.3.3.6. Selection of Topology

Topology of a cross-coupled filter is determined thg present couplings between its
resonators. In the direct coupling matrix synthgsacedures the topology of the initially
obtained matrix is strictly appointed (every redong coupled to each other, or coupled to
source and load only), and the unwanted coupliagsbe further annihilated by rotations.
In this case the filter topology to be designed anbe chosen in advance. In contrast, for
the optimization based matrix synthesis method,ttip®logy is appointed by designers.
Thus, it is crucial to determine the topology, whis capable of generating the required
filtering function. The problem leads to analysisddferent topologies in order to find out
the possible number and locations (in upper or tostepband) of the transmission zeros

generated by them.

To find a solution for this problem, physical reasdor appearance of transmission zeros
in cross-coupled filters must be examined. It i#l Wieown that a reactive electronic circuit
introduces a phase shift into the incident signmappgating through it. If a signal flows
between source and load through several paths, geeerally, each separate portion of the
signal undergoes different phase shift at the lbadce, some signals may come to the load
(generally, to a certain node) in phase or out lohse. In the latter case the signals

compensate one another and a transmission zerarappe

Therefore, for obtaining the positions of transmoisszeros, an analysis of frequency shifts
caused by certain pairs of signal paths is requihddre information on the algorithm

applied to cross-coupled networks for this purgesgven in [3-12].

The fundamental theorem for determining the maximmumber of transmission zeros
offered by a certain topology has been rigorousbved by Amari and Bornemann [3-20,
3-21]. It states that a cross-coupled filter isatdp of producing the maximum number of
transmission zeros equal to the maximum numberypés$sed resonators between source
and load. This implies that ati" order filter with direct coupling between sourceldoad
may generate no more thAntransmission zeros. If source and load are uneolphen the

maximum number of possible transmission zerosdaaed toN — 2. This rule also clearly
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illustrates the fundamental reason why the directpted topology is unable to generate
any transmission zero: only single path betweemcgoand load exists, and no resonators
are bypassed. Hence, the direct coupled topologyristwork for implementation of all-

pole filters.

It must be specially noted that for some topologiescoupling matrix for the realization of
a certain filter may be not unique, and many déf¢érmatrices may reproduce the same
filtering function. The solution to the uniquengs®blem is available in [3-19], where it
has been shown that the transversal matrix is a&etsal representation of coupled

resonator filters of arbitrary orders, topologies @ositions of the transmission zeros.
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3.3.4. Extracted Pole Filters

Often it is technically difficult or even impossiblto realize coupling coefficients with
negative values which appear in the synthesizeglomumatrix. In these cases extracted
pole filter networks are widely used. In these witx transmission zeros appear due to the
bandstop sections removed from the initial filtestptype; the remaining filter circuit does
not require any cross-couplings and may be everinlme direct-coupled resonators
network [3-22]. The bandstop section consists dbvepass resonator represented as an
inductor connected in series with a FIR elementl§B- Bandstop section with its
equivalent circuit with inverter is presented igliie 3-15.

—— jB=-js,/B,
- c=1/B,
J=1

BO
S—%
Figure 3-15: Schematic representation of a bandstopon.

Y =

B ==

Figure 3-16: Removal of a transmission line sectiom the filter network.

The bandstop section is extracted out of the twi-ABCD-matrix of the filter, which can
be easily composed from the known polynomials ef fitering function [3-2]. First, the
two-port network is considered as cascade of smnéssion line section with a remainder
[ABCD|;-matrix, as shown in Figure 3-16.
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The entries of the remainder matrix can be caledlas follows [3-10]:

[A Bl}: ACOS¢>—J'%CSJin¢j BCOW—i%DSiW (3.3-37)
G Dl | ccosp- jAIsing  Dcosg - jBIsing

whereJ is usually taken to be unity for simplificatiomada

-1

¢ =tan A (3.3-38)
iC

S

I:A B] j =18, I:A B]
col, col|

iB = -jsy/B,

Figure 3-17: Removal of the bandstop section froenremaining network.

Next, the remaining network represented wAB{D];-matrix is considered as a bandstop
section connected in series with another two-pettvork described by means &BCDJ,-

matrix (see Figure 3-17). Consequently, the newareder matrix can be calculated using

1 0
P Bl}:[_ B, 1][EAZ BZ} (3.3-39)
¢ bl |T5g Yle o,

the following equation:

whereBy can be extracted as a residue

B, = (s—s)C
A

(3.3-40)

5%
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If the rest of the circuit described by thABCD|,-matrix contains another bandstop
sections to be extracted, then the procedure mated until all the poles are removed from

the initial network. The remainder circuit, coniaigno extracted poles, can be synthesized

using the techniques illustrated above in this tdrap
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3.3.5. Filters With Non-Resonating Nodes

Non-resonating node (NRN) is a shunt FIR elemembduced within a prototype network.
The NRN offer an opportunity to design cross-coddiéers with maximum number of
transmission zeros without direct coupling betwesnirce and load. NRN, integrated
within a cross-coupled network, introduces conspdatse shift and provides new paths for
the signal so as to organize more transmissionszera certain topology. Another major
advantage of the NRNs is ability to reduce the aNaize of filters. This happens because
strongly detuned resonators with smaller dimensamesoften used for implementation of
the NRNs.

One of the most attractive applications of the NR&lshe design of inline filters with
cascaded topologies. The inline filters are impletee@ as separately designed modules
with own source and load nodes. Then, the load s10fithe modules are connected to the
source nodes of the next modules in such a wayicgethe intermediate NRNs. Use of the
separate modules has an important advantage. Eadblenincluded in a filter is able to
control its own poles and/or transmission zeross feature simplifies tuning of cross-
coupled filters and reduces their sensitivity tonofacturing tolerances. The described
concept of filter design is often referred to a-doiar design.

Several basic modules for cascading have beerdintedl in past years. Singlet [3-23], the
simplest module (shown in Figure 3-18a), consié® single resonator bypassed by direct
source-load coupling; this scheme produces andraen& pair pole-zero, positions of
which may vary depending on signs and values ofatfalable three couplings. Doublet
[3-24, 3-25, 3-26] is a more flexible scheme, sitwe different topological configurations
are available (see Figures 3-18b and c), as welhi@e options for the arrangement of
poles and zeros; it is capable of generating andraiing two poles and two zeros.
Doublet scheme together with an introduced shexirator constitutes an extended doublet
[3-27] (presented in Figure 3-18d); this structoffers three poles and two transmission
zeros. The coupling scheme of a typical inline adsd filter, designed using the modular
concept, in given in Figure 3-18e.
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H

(d) (e)
O Source/Load @ NRN . Resonator

Figure 3-18: Modules used for cascaded filter desig
(a) singlet; (b) square doublet; (c) diamond doulfth extended doublet;

(e) scheme of a typical filter based on the moddémign concept.

Filter prototypes with NRNs can be synthesized lmeall synthesis [3-28], by node
insertion [3-29] or different reconfiguration ofr@hdy synthesized network [3-23], and by
optimization (see Section 3.3.3.5). For synthegisttimization it is important to note that
the coupling scheme of a filter should be seledteddvance, as well as that the FIR
elements forming NRN are frequency independent.|atter implies that in equation (3.3-
29) the entries of the principal diagonal of thetnraW, which correspond to the NRNs,

should be modified into zeros.
In this thesis several filter structures based uplmm modular filter design principle

(including singlets, doublets and extracted poletiges) will be demonstrated in

chapters 4-6.
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3.3.6. Filters with Frequency Dependent Couplings

Use of frequency dependent inter-resonator couplivas become a less popular technique
to improve stopband performance by generating tn&gssson zeros. To illustrate the idea of
the method, consider an inline admittance inverterpled lowpass filter prototype where
the value of one of the inverteds is frequency dependend; = J(Q2). The circuit is
illustrated in Figure 3-19.

J 1+ Ll]jBl J, J, Iy ‘1 By

Ji =9 (Q)
Figure 3-19: Lowpass prototype of a direct-coupiker with a frequency dependent

admittance invertes;.

Assume that at a certain normalized frequefgyhe value of inverted; turns into infinity.

In that case the input impedance of the entireutirat Qo yields zero, i.e. the circuit
becomes short regardless of the values of all thercelements of the network. Hence,
propagation of signals through the network becoimp®ssible at),, and the transmission

zero appears at that frequency.

The design problem for this type of filters liesthre development of coupling elements
which are capable of revealing the required frequedependent properties. In [3-30]
frequency dependent irises with two slots for cownmal waveguide applications have
been introduced. The inverters based upon suabsitive linear frequency dependence
and generate a single transmission zero in eitieeupper or lower stopband. The inverters
described by linear functions of frequency offdraative solutions for design of pseudo-
elliptic or elliptic filters; it has been shown [B8-31] that the cross-coupled filters which
include such inverters can be represented by anvaguot cross-coupled network

composed of conventional frequency independentiekeand resonators.
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Another approach to introduce transmission zerogrininline filter by employing the
frequency dependent inverters has been realiz¢8-82], where a mixture of irises and

stubs has been organized for this purpose in aectional rectangular waveguide section.

Application of the frequency dependent couplingreats in the design of cross-coupled
filters is being intensively investigated at theegent time. Theoretically, use of such
structures may lead not only to generating transioniszeros, but also to the design of a
new class of broadband filters; thus, new develogsmare expected in this field, which

makes this area of knowledge very attractive feeaechers.
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3.4.Frequency Transformation

The lowpass filter prototype networks, previouskynsidered in this chapter, operate
between source with unity internal resistance amtlydoad having the normalized cutoff
frequency ofQQ; = 1. However, these restrictions are clearly ucipral for use in real
applications; therefore elements of the lowpassopypes are transformed and scaled into
new networks which offer acceptable solutions fertain specifications. In this section
frequency transformation (also referred to as feagy mapping) techniques required for
conversion of filter responses from the lowpasguencyQ domain into the real angular

frequencyw domain, together with the impedance scaling methozlbriefly reviewed.

3.4.1. Lowpass-to-Lowpass Transformation

To transform a lowpass filter prototype into a picad lowpass filter network with cutoff
angular frequency ab., the following frequency mapping should be app[@@]:

Q=""gp (3.4-1)

Formula (3.4-1) assigns linear scaling; therefaikbthe frequency dependent elements of

the prototype retain their configuration, gettirepnvalues:

Lo L (3.4-2a)
2

c_c (3.4-2b)
.

C

Note that the impedance scaling is not includedxpressions (3.4-2), as well as in other
expressions relevant to the frequency mappingdistirther in this chapter. Additionally,
the values of all the frequency independent prg®telements do not change as a

consequence of frequency transformations of ang.typ
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3.4.2. Lowpass-to-Highpass Transformation

For highpass filters with real cutoff angular fregay ofw., the frequency transformation

is defined as [3-2]:

Qb (3.4-3)

It can be shown that as a result of lowpass-togagh transformation the inductors turn
into capacitors and vice versa. In this case thevaues of inductors and capacitors in the

highpass filter network are:

L1 (3.4-4a)
Q.wC

- (3.4-4b)
Qawl
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3.4.3. Lowpass-to-Bandpass Transformation

By employing the lowpass-to-bandpass transformatios lowpass filter prototype can be
converted into a bandpass filter with a passbandof v;, wherew; and w, are the
passband-edge angular frequencies. The requiregintpps defined by the following

expression [3-1, 3-2]:

Qzﬂc_wo(g_&j (3.45)
W-y\

whereawy is the center angular frequency calculatedyas /@, . If this transformation is

applied to the inductive and capacitive elementtheflowpass prototype, the inductors are

transformed into the seri€€ resonant circuits with the values calculated as:

res — ;il_a{ (34-6&)
Cres = % G%_Lai (3.4-6b)

Similarly, the capacitors are converted into theaj@ LC resonant circuits. The new

parameters can be obtained from:

C..= QCC@ (3.4-7a)
a& —
Les = % G%_Caﬁ (3.4-7h)

It is evident from equations (3.4-7) that the regors have the resonance frequency, which

coincides with the centre frequency of the filter:
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1
= 3.4-8
“ T C (3.48)

res—res

In the asynchronously tuned filters the lowpassmasors are often modelled as capacitor
C connected in parallel with a frequency invariansceptance; this shifts the centre

frequency of the resonator. For these circuits lhadpass transformation leads to the

following results:

Cres = % Eﬁ—ic_‘ﬁ + gj (3.4-9a)
-1
res — % Z‘:g_zcz - gj (34-9b)

Hence, the angular resonant frequency of a reaheger in the bandpass filter is calculated

as [3-1]

We, =%D 1—% (3.4-10)
0" 4=
w-aw 2

Using the equation (3.4-10), all the angular resbrigequencies of individual resonators

which constitute an asynchronously tuned filter barobtained.
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3.4.4. Lowpass-to-Bandstop Transformation

To transform a lowpass filter prototype into baogstone needs to apply the mapping

scheme of the following form [3-1]:

Q - Al —w) (3.4-11)

2

In contrast with the lowpass-to-bandpass transfoomathe inductive elements of the
lowpass prototype are transformed into parall€ resonant circuits with the values

calculated by

res — L (34-12&)
(@ -a)Q.L
L..= QL ~w) (3.4-12D)
23
The capacitive elements become converted intoghest. C resonant circuits:
1
L= (3.4-13a)
(w-w)Q.C
C = QL(&, ~ ) (3.4-13D)

res )2
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3.4.5. Lowpass-to-Multiband Transformation

Transformation from lowpass prototype to multibafller can be considered as a
superposition of several bandpass and bandstopinyppseneralized expression for the

multiband transformation can be written as follows:

Q=0 f—“’oi (ﬂ—ﬂ}f Gy — e (3.4-14)
1Fo-gla o w_w()k]
@

whereNP is the number of passbands, @8 — number of stopbands in the multiband
filter.

In practice, the lowpass-to-multiband transformatieads to appearance of several new
parallel or series resonab€ circuits connected through inverters instead ehdawpass
resonator. Individual circuits, obtained as a resilthe transformation from lowpass
resonators are often referred to as multiband e#ses More information on the
application of the multiband frequency mapping barfound in [3-33, 3-34].
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3.4.6. Impedance Scaling

Impedance scaling is performed for the normalizataf the unity source and load
impedances to any required valdg (or inverse value of the termination admittanfg
Hong and Lancaster in [3-1] introduce the impedaseading factory, for convenience of

the procedure:

5, if g, is theresistance

Vo= % (3.4-15)
%, if g, is theconductane
0

where go is a normalized source or load impedance of thepéss prototype filter.
Consequently, the values of the elements of therfiprototype are scaled using the

following rules:

« forimpedanceR - yR;

« for admittanceG - E;
Yo

» forinductancel - y,L;

» for capacitanceC - S;
Yo

» for frequency invariant reactanc&: - ), X ;

. : B
» for frequency invariant susceptand@.—- —;
Yo

» forimpedance inverterK - y,K;

» for admittance invertersy — i.
Yo
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Note that the impedance scaling procedure shouldppdied after the transformation of
inductors and capacitors into their correspondifeggnents, in order to avoid possible

errors. The scaling procedure does not affectréguency characteristics of the filter.
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3.5. Implementation and Optimization

In the next stage of the design procedure the sgirbd bandpass prototype filter should
be implemented in a real physical structure. Thgl@mentation involves translation of the
calculated circuit parameters into physical dimensiof components of the device to be
realized. However, in engineering there is no gu®e that the obtained dimensions
instantaneously give the perfect solution. This liegpthat the final dimensions of the

filters have to be optimized in order to achievautts suitable for fabrication.

3.5.1. Filter Implementation

At present, a great variety of technologies andrthgbrids are available to embody
microwave or mm-wave filters (waveguide [3-35], xi@h [3-36], microstrip [3-37],

substrate integrated [3-38], dielectric resonat®39] etc.); therefore numerous
technologies for filter implementation have beewdleped for the long history of filter

design.

In general, the majority of implementation techmgfor the class of coupled-resonator
filters are built on the design of individual restors with required resonant frequencies
and finding solutions for realization of couplinigstween them [3-37]. The resonators may
be realized as single-, double- or multimode [3-3122, 3-40]. Usually, sections of
transmission lines are used at micro- and millimettaves as resonators. The resonant
frequencies of resonators are determined mainlysizg; often, for tuning purpose,
perturbations or other elements are included iona®r constructions. Dimensions of the

resonators can be calculated for simple shapespdelled in electromagnetic simulators.

Couplings, by definition, should be realized bynedmts capable of providing exchange of
energy between resonators. These can be organyzpdsis [3-34, 3-38], irises [3-22, 3-
35], septa [3-41], perturbations [3-11], fringingldls [3-37], and by other means. To obtain
dimensions of the coupling elements, correspondmnghe coupling coefficient to be

implemented, design curves based upon electromagsemhulations or, rarely, direct
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measurements are usually built. Sometimes analyd@ations are available for coupling

elements design problem.

In this thesis, several examples of filters implated in hybrid microstrip and rectangular
waveguide technology are presented. Integrationmdafrostrips in the E-plane of a
rectangular waveguide, leading to creation of ex¢i@ pole sections and other basic cross-
coupled modules, suitable for cascade filter deggpe Section 3.3) is considered in
chapters 4 and 5. In chapter 6 the problem of implgation of couplings between folded
substrate integrated waveguide resonators is asklipa new negative coupling structure

for this type of technology is proposed and ingzggd.
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3.5.2. Filter Optimization

Dimensions of real structures obtained as a redulie implementation procedure do not
guarantee that the fabricated filter has exactly same frequency response as initially
approximated. Therefore, optimization is necesdaryfinding new values which show

better agreement with the theoretical model.

At present, commercial EM-simulators are widely laggpin filter design. These simulate
the transmission characteristics of filters by niliuig propagation of EM-waves in real
structures, which is based upon numerical solvihthe Maxwell’'s equations using the
finite element method (FEM), mode matching techaigWMT), finite difference time
domain (FDTD) technique and others. Thereforefilsdk design procedures, starting from
the implementation stage, are carried out with agepaid, i.e. only the fully verified
device simulated with high accuracy is eventualypricated. However, accurate EM-
simulation is a time and computational resourcesseming process. Hence, gradient-

based optimization [3-42] using a full-field solhagspears to be difficult and ineffective.

Recently, new effective space mapping optimizatechniques for EM-simulators have
been proposed, which avoid the direct optimizatbraccurate (or fine) model by using
coarse model as an intermediate step [3-10]. Theseanodel offers lower accuracy and is
time efficient, while the fine model provides higitcuracy, however demands more
computational time. The notion of the method lieestablishing the relationship between
the parameters of the coarse and fine models, eridrming the optimization in the coarse
model parameter space. Then, the optimal paramietetbe fine model can be found by
applying the inversion to the optimal solution fitve coarse model. In the first space
mapping approach [3-43], linear mapping was assubetdieen two parameter spaces.
More advanced aggressive space mapping approathwddanonlinear mapping between
these spaces; in this case nonlinear equationsodwed by available numerical methods.
More information on space mapping optimization teghes and examples of its use for
filter design can be found in [3-44, 3-45].
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3.6. Summary

In this chapter an overview of filter design andimization procedures has been presented.

In section 3.2 approximation techniques for deroratof the analytical expressions,
representing the transfer functions which satikfy initial filter specifications, have been

presented.

Filter prototype synthesis methods have been predeim section 3.3. The prototype
circuits are synthesized as ladder or cross-coupdtiorks; coupling matrices have been
introduced as a convenient tool for representatbrihe cross-coupled filter prototype
circuits. Direct and optimization synthesis teclmgg] for NxN and (+2) x (N+2)

coupling matrices have been considered, as welhasmethod of rotations used for
elimination of unwanted entries from a coupling mxatThe main topologies of the cross-
coupled filters used for the generation of transiors zeros in filter stopband have been

presented.

In section 3.4 the frequency mapping techniquediegpgor conversion of the lowpass
prototype filter into practical highpass, bandpdss)dstop and multiband prototype filters
have been considered. Transformations of the losvpastotype elements caused by the

frequency mapping process have been presented.

Filter implementation and optimization procedureavén been briefly outlined in
section 3.5. The problem of implementation will lherther addressed in detail in
chapters 4-6; more information about the optimaratiechniques used in filter design can

be found in the references.
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CHAPTER 4

E-PLANE CROSS-COUPLEDFILTERS IN
CONVENTIONAL RECTANGULAR WAVEGUIDE

4.1. Introduction

The standard E-plane waveguide filters are orgdnizg means of the direct-coupled
topology which provides a single path between soumed load; this implies that these
filters may have all-pole frequency responses,teartsmission zeros can not be generated.
Interaction between adjacent resonators in theaBepfilters is provided by metallic septa
which, being combined, form E-plane inserts to bersged within a waveguide. The
inserts can be all-metal (for example, cut outagper foil) or metallo-dielectric; the latter
usually is a piece of dielectric substrate withtaegiched on top metallization layer, while
the bottom metallization is removed. However, bhottmetallization can be used to realize
cross-couplings in E-plane filters. For this pugoa stripline resonator can be etched on
the bottom side, opposite to a top side septuns Wil introduce two new couplings with
adjacent waveguide resonators, forming a triplet,[4-2] — the filtering module capable of
generating a single transmission zero at finitgudency.

This approach can be further generalized by suitistif the waveguide resonators by NRN,
which yields a singlet, the simplest filtering mésluntroduced in [4-3]. More complex

modules can be obtained by employing addition@blste resonators on the bottom side.
Use of NRN makes possible arrangement of the ifigemodules into a modular cross-
coupled filter, whose poles and zeros can be cledrandependently by adjusting

parameters of individual modules.

In this chapter a problem of modular filter desigsing E-plane inserts in rectangular

waveguide will be addressed. In section 4.2 sevdtating modules composed of septa

and stripline resonators are proposed. Their cardippns and main properties are
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outlined. Section 4.3 gives an overview of couplougfficients traditionally used in the
design of cross-coupled filters for characterizatiof degree of interaction between
adjacent resonators. Methods of extraction of dagptoefficients from simulated or
measured frequency responses are discussed. onsdcd# design examples of single
filtering modules and cross-coupled filters compbskthese modules, and implemented in
E-plane technology, are presented. Bandpass fittentaining NRN are fabricated and

tested in order to prove feasibility of the propbs@proach.
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4.2.Design of Cross-Coupled Filters Using E-plane Ins&s

In this section several modules for E-plane craasted filters composed of septa and

stripline resonators, and implemented using metiktectric inserts, will be discussed.

4.2.1. Singlets

Singlet is the simplest filtering module which cts of a single resonator and generates a

pole-zero pair due to bypass source-load coupling.

4.2.1.1. Model of Singlets and Analysis

Resonator

Source Load
Figure 4-1: Coupling scheme representation of glsin

The coupling scheme of a singlet is presented guréi 4-1. It contains three nodes
representing source, load and a resonator. Saiigs liconnecting the nodes represent
couplings between them; two of these couplings titors the main path (source-resonator
and resonator-load); the third one is a bypassloaupetween source and load. According
to Amari and Bornemann [4-4, 4-5], this couplindgpeme generates a single transmission
zero as only one resonator is bypassed. Couplingrixmaf an arbitrary singlet,
corresponding to the coupling scheme, has theviatig form:

0 JSl JSL
M=|J, B J, (4.2-1)
JSL JlL 0
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For symmetrical singlets the matrix can be simgtifbyJs = Ji;.

Frequency domain performance of the singlet's l@sparototype equivalent scheme can
be analyzed by applying formulae (3.3-30) and @LB-to matrix M. The following

expressions for S-parameters of an arbitrary sifglee been obtained:

S,=- @a- ‘]éL)(Q +B)+2J,J, Jg + j(‘]él ~ ‘]12|_) (4_2_2)
@+ J;L)(Q +B)- j(‘]él + ‘]12|.) —2Jgd; ds
S, =-2j Js(Q+B)-Jgdy (4_2-3)

J -
@+32)(Q+B) - j(Ig +I11) —235 3, Ig,
whereQ — is a lowpass frequency variable.
It is clear that variation of constant value of BR(variation of resonant frequency of the
resonator in real-frequency domain) leads to cpomeding shift of transmission

characteristics, and the expressions can be amblgeB,; equal to zero for simplicity.

The singlet’s model has a transmission zeQzand a pole a®p:

q, =Jsu (4.2-4)
‘]SL
o =233 35 + j(05 - 38) (4.2-5)
P 1-32

Positions of singlet’'s pole and transmission zem® @etermined by all three couplings
available in its coupling scheme; the transmisgiero always appears at a real frequency.
If values of all the couplings are positive, thae transmission zero is located in the upper
stopband, while its location in the lower stopbaeduires an odd number of negative
couplings. From (4.2-5) it is clear that a gensmaglet has its pole at a complex frequency.
However, it can be noticed that the pole frequenoywes to real frequency for those

singlets wherelg| = Pa|.
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Discrepancy between positions of pole and zer@fsinglet with its eigenmodes located at
real frequencies can be evaluated as follows

2
Q,-Q, = Jsdy A+ Jg (4_2-6)
Joo 1= J;L

This illustrates the flexibility of transmissionrbs positioning with respect to passband
offered by singlets, which is important for singlbetsed modular filter design for a variety

of applications.

4.2.1.2. Implementation of Singlets

(@) (b)
Figure 4-2: Configurations of E-plane singletsestangular waveguide:
(a) with O-shaped resonator; (b) with I-shaped magar.

Two configurations of E-plane singlets are presgnte Figure 4-2. Both of the singlet
structures consist of a metallo-dielectric inseraaged in the E-plane of a conventional
rectangular waveguide. The inserts are dieleckalossof rectangular shape with a resonator
etched on top side, and metallic septum placecherother one. Separate all-metal insert
can be used for realization of the septum as wile septum acts as inverter and
implements the direct source-load coupling. Resmeatan be organized as a section of
stripline of arbitrary shape. Couplings between reeu load and the resonator are
implemented by interaction between the resonatirgglenin resonator and the mode
propagating in the waveguide; if the resonatoraisaower than the septum, then evanescent

mode in the septum region is utilized for this msg.
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In Figure 4-2 two variations of singlets with O-pbd and I-shaped resonators are shown.
Generally, more variations including S-shaped, @psld and other resonators are
available. The difference between these resonasons their ability to provide various

combinations of external couplingds{ and J,.); hence, selection of resonator for use in

singlets mainly depends on external coupling resglifor a certain design.

Simulated frequency responses of the proposedessmgbbtained using Ansoft HFSS™

EM solver, are presented in Figure 4-3. The S-patars of the structures indicate that the
singlets generate a transmission zero which istédcat a frequency higher than the pole
frequency. The singlets have been designed to ithiéd same pole frequency using septa
of the same width for the purpose of comparisomdde it can be concluded from the

simulated curves that transmission zero of singlgh O-shaped resonator is located

further in the upper stopband than the transmisasoa of the one with I-shaped resonator.
This effect can be explained by the fact that thst fdecaying evanescent mode,
propagating in the waveguide through the septuniomegnteracts with the O-shaped

resonator stronger than with the I-shaped resopatthe O-shaped resonator is located
closer to the septum’s ends than the I-shaped lonsupport of this statement, formula

(4.2-6) suggests that for singlets with constarngasg coupling the distance between pole
and zero grows with increase external couplings.

—_—— — |S11| - O-shaped

S-parameters, dB
IN
o
|

-60 — |S,,] - O-shaped
-4 — — — |S,|-I-shaped
|S,,| - I-shaped
-80 rrrrrrrrrpr T T T
8 9 10 11 12

Frequency, GHz

Figure 4-3: Simulated frequency responses of tbpgsed singlets.
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4.2.2. Doublets
Doublet is a filtering module capable of generatiwg poles and two transmission zeros.
The generation of transmission zeros in lower stopgbusing E-plane singlets presents
some difficulty. E-plane doublet, introduced instsiection, provides a neat solution for this

problem.

4.2.2.1. Configuration and Frequency Response

Figure 4-4: Configuration of an E-plane doublethativo hairpin resonators in

rectangular waveguide.

Configuration of the proposed E-plane doublet isvah in Figure 4-4. The structure
consists of a metallo-dielectric E-plane inseraaged within a conventional rectangular
waveguide. The insert is a rectangular piece ofedigc substrate with two hairpin
resonators etched on its top side so that thein epels face one another. On the other side
of the dielectric slab a metallic septum is plaedtich can be implemented by either

etching bottom side of the dielectric substratbyr piece of metallic foil placed between
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two halves of waveguide housing. The septum isndndtive discontinuity which acts as

an inverter in combination with short transmisdioe sections [4-6]-[4-8].

Transmission characteristics of the proposed doulsienulated in commercial finite-

element-based electromagnetic solver Ansoft HFS&¥, presented in Figure 4-5. The

obtained frequency response shows that the dostoletture acts as a bandpass filter with

two poles and two transmission zeros placed asynuaky in the upper and lower
stopbands with respect to the doublet’s centreugaqy.

S-parameters, dB

Figure 4-5:

- HFSS
- HFSS
- MATLAB
- MATLAB

I I I
8

9 10

Frequency, GHz

Calculated from extracted coupling iand simulated frequency

responses of the proposed doublet.

4.2.2.2. Coupling Scheme and Analysis

Source

. Resonator

Figure 4-6: Coupling scheme representation of tpgsed doublet.
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The behaviour of the doublet in the frequency dontan be analyzed using its coupling
scheme presented in Figure 4-6. It contains fowtesownhich represent source, load and
two hairpin resonators. Couplings between thenshoavn as solid lines; it is evident that
all the couplings in the doublet have non-zero &sldts coupling matrix has the following

form:

0 ‘JSl ‘JSZ ‘JSL

M = ‘]Sl Bl ‘]12 JlL (4_2_7)
Jsz le Bz ‘le_
J

SL 1L ‘J2L

For doublets with symmetrical geometry the matiax e simplified by using equalities
Ja=Jo, I =J1,B1=B>=0.

Generalized doublets described by the coupling imaul have been investigated
theoretically in [4-9]. It has been shown that samssion zeros generated by the doublet
may be arranged in different combinations accordmgalues and signs of entries of
coupling matrixM. General expressions for S-parameters of the dbuhh be obtained by
applying formula (3.3-30) and (3.3-31) to matkix

— - JéL)QZ +4)gJg,Js QO+ (ng - ‘]522)2 _ J122 - ‘]éL) _ 2J12JSL(J§1 + ‘]éz) (4.2-8)
det(V)
‘]SLQZ —2JgJ5,Q+ (‘]12‘]§1 + le‘]éz - ‘]SLJ122) (4.2-9)
det(M)

S

S =-2j

The resultant expressions are complex for compmahenanalysis; however some
important conclusions can be made. First of alk geen from (4.2-8) and (4.2-9) that the
network always reveals two poles and two zerosufpting between source and lo&g is
non-zero; at the same time it is evident that neno-zalue ofls, results in asymmetrical
location of poles and zeros with respect to cefiteguency, in contrast with symmetrical
location forJg = 0. Degree of this asymmetry can be evaluatedibgrepancy between

vertices of parabola given by numerator polynomiaigt.2-8) and (4.2-9):
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o =Jsdsd+Jg (4.2-10)

vertexP
" Jst 1_‘]§L

A Q

asym — ““vertexZ

The proposed doublet structure has several desigsatraints which limit the variety of
possible combinations. For example, invedgrimplemented by a solid septum may have
only positive values; consequently, the valueJgf will be always negative as it is
implemented by capacitive coupling between hairpsonators. This can be illustrated by
extraction of coupling matrix elements from the giated frequency response of a doublet
using optimization technique outlined in section3.3.5. The coupling matrix,
corresponding to the calculated S-parameters prebaem Figure 4-5, has been derived in
MATLAB™:

0O 1086 0099 0039

1086 0  -1436 0099 (4.2-11)
0099 -1436 0 1086

0039 0099 1086 O
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4.2.3. Higher Order Modules

The approach used for the implementation of doulrlethe previous section can be
extended to higher order modules. In the doubletc&ire hairpin resonators are coupled
directly by means of capacitive interaction at #rals of stripline section. The idea of
realization of higher order modules consists irciplg additional resonators between the
first and last ones. In that way, number of resmrsaih the main path grows thus increasing
the order of the obtained filter. At the same tirbgpass coupling implemented by a
septum creates another path for the signal and snadiesible generation of transmission
zeros. However, not only these two paths are adailan the structure being proposed.
Evanescent mode which propagates between the septdmside wall of the waveguide,

interacts with all resonators in the main path befextinction. As a result, additional

couplings appear which introduce uncontrollabl@graission zeros, sometimes located in
the passband.

To avoid this issue, the added resonators can ieédstl by another septum arranged in
parallel with the present one. Introduction of Huglitional septum reduces inductance of
the system of parallel septa and alters its praggeds an inverter. However, in a qualitative
sense, these septa still provide direct couplirtgyéen source and load. The new septum
can be implemented either as a separate all-magaltior as a metallo-dielectric insert,
combined with the present one or separated fronThe combined insert requires a
multilayer structure with three metallization lagetop and bottom layers contain septa,
while the middle one contains all the resonatoriwkhus can be considered as symmetric
stripline resonators. Use of separate insert lematise same configuration but two dielectric
slabs can be split. Configuration of a typical mledwith multilayer E-plane insert in
rectangular waveguide is presented in Figure 4ré. 3*-order module shown in this figure
contains an I-shaped resonator between two hairdihs resonator interacts with the
adjacent ones using electric coupling at its opedse It is shown in [4-10] that this
interaction can be characterized by negative cogpipefficient (considered in more detail
in section 4.3).
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Figure 4-7: Configuration of d%order filtering module using multilayer E-planesént

in rectangular waveguide.

S-parameters, dB
1N
o
|

ISl
4 — s

‘80 LU I LILILEL I LILILEL I LILILEL

8 9 10 11 12
Frequency, GHz

Figure 4-8: Simulated frequency response df-@@ler E-plane filtering module.

The simulated frequency response of tH&ogder module, shown in Figure 4-7, is
presented in Figure 4-8. The characteristic displliyee poles and a single transmission
zero in the upper stopband. It can be noticed thatpmparison with the response of the
doublet considered in the previous section, theetostopband transmission zero has
disappeared after introducing an I-shaped resormtween two hairpins. The origin of
this effect can be found by analysis of phase shiiused by sequences of coupled
resonators in the main paths of the two structutgs; method, introduced by Thomas in

2003 [4-11], makes possible the determination efritmber of transmission zeros which
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an arbitrary coupling scheme may produce. Also,can be found whether these

transmission zeros are located in the lower or upfmpband.

+90° +90° +90°

+90° ‘ +90°

Main path

-90°

Bypass
Source P Load

Figure 4-9: Coupling scheme of the propos@eb&er E-plane filtering module.

The coupling scheme of the proposé@t@der module with corresponding phase shifts
caused by its elements is depicted in Figure 4-8. $een that the phase shift in the main
path for frequencies below the resonance is 2°fréquencies above the resonance it is
equal to —270°. Taking into account that the phslsé provided by direct source-load

coupling is equal to —90°, it is clear that sigrfatsn both paths reach the load in phase at
frequencies lower than resonant, but out of phadeequencies higher than resonant (in

fact, this condition is satisfied at a certain freqcy where the transmission zero appears).

Hence, the "$-order module generates a single transmissionirehe upper stopband.

Coupling scheme of a doublet can be obtained flurstheme of the%order module by
removing the middle resonator and one of its cogglito adjacent resonators. In this case,
phase shift in lower stopband drops by 180°, wimilepper stopband it retains its value in
comparison with the initial shifts calculated fdret 3%order module. This leads to
appearance of another transmission zero in lovagbsind, as signals are out of phase at
these frequencies. Similarly, if another I-shapesbnator is added in the main path, phase
shifts lower than resonant frequency increase [§f,18nd remain unaffected higher than
resonance; consequently, the nefvotder module will generate two transmission zeros.
Design example of such a module will be presemesiction 4.4.1. Generally, for the class

of structures with I-shaped and hairpin resonab&isig considered, it can be shown that
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modules with even order generate one transmissamin each stopband, while modules

of odd order generate only one zero in the uppgabstnd.
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4.3. Coupling Coefficients in Filter Design

4.3.1. Coupling Coefficients

In lowpass filter prototypes, discussed in secoB, coupling matrices described cross-

coupled filters with unity bandwidth at zero cenfrequency in terms of normalized

frequency variableQ. Consequently, entrieM; of a coupling matrix characterize the

degree of interaction between adjacent resonaexgsired to satisfy these conditions.

However, real filters are designed to perform atestain centre frequencly with a

specified bandwidtlBW. Therefore, in order to provide link between thedel and reality,

coupling values are normalized to fractional bamtlviFBW = BW/ f,. Values obtained as

a result of this normalization are referred to aspting coefficients.

At the schematic circuit level, coupling coefficiebetween two resonators connected

through admittance invertéy is introduced as follows [4-12]

where

represents total susceptance ofkfieesonator.
External couplings are defined by the external iyiédctor:

GO

T
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(4.3-3)



E, E, H, H,
coupling

E,
Resonator 2

El
Resonator 1

H, H,

Figure 4-10: General representation of two coupésdnators.
On the other hand, at the electromagnetic levelpliog is considered as transfer of power

from one circuit to another. Hence, the coupling@ficient between two resonators is

defined as a ratio of coupled energy to storedgnir-13]:

jjf&E [E,dv J‘J'J',qu[IH dv

™ THTE v e ([T [ o

(4.3-4)

Here, Eand H are vectors of electric and magnetic fields obregors as it is shown in
Figure 4-10. The fields are determined at resonasmoé volume integrals are taken over
the entire effective region with permittivityand permeability.. Generally, the resonators
1 and 2 may have different resonant frequencie® fiilst term in equation (4.3-4)
represents electric coupling component, while teeosd one — magnetic coupling
component. Coupling coefficient may possess pasitiv negative values due to dot

multiplication of fields’ space vectors.
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4.3.2. Extraction of Coupling Coefficients

Coupling coefficients play very important role iftdr design. In development of coupled

resonators filters, a general technique is empldyedrder to relate values of coupling

coefficients obtained theoretically to physical dmsions of structures which implement
the couplings. Coupling between two resonatorsclsymously or asynchronously tuned,
can be characterised by two eigen frequenciescdrabe indentified by experiment or full

wave EM simulation. Coupling coefficients extraatiprocedure from frequency responses
for synchronously and asynchronously tuned resosasn be found in [4-14], [4-15].

4.3.1.1. Synchronously Tuned Resonators

-2C,,

L -L

m

2L

m

!
J_C J_CII :
] I -

Figure 4-11: Schematic circuit representation af synchronously tuned coupled

resonators with mixed coupling.

Network representation of two identical resonataith both capacitive and inductive

couplings is presented in Figure 4-11, whéré., C,,, andL, are the self-capacitance, the
self-inductance, the mutual capacitance, and théuahunductance of the resonators
respectively. Taking advantage of the circuit's syetry, electric and magnetic walls can
be inserted in the symmetry plane A-A’, and eved-atbde technique can be applied to
the schematic circuit. As a result of the analysi®, resonant frequencies of the equivalent

circuit can be found as follows
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f = 1 (4.3-5a)
2m(L-L,)(C-C,)

f = 1 (4.3-5D)
2mJ(L+L,)(C+C,)

Coupling coefficientk between these resonators is calculated as a sgitesp of its

electric and magnetic components as

L, C
k = —_—m 4 ~m 4.3-6
k, +k 3 + c ( )
assuming that couplings are weak, which implies << LC. Combining equations (4.3-

5) and (4.3-6), an expression for extraction ofptimg coefficient between synchronously

tuned resonators can be obtained:

k=te = fn (4.3-7)

ARk

4.3.1.2. Asynchronously Tuned Resonators
A similar method as shown in the previous sectian be used for analysis of coupling
coefficient between a pair of asynchronously turesbnators. Assuming that one of the
1

2 JLC,
1

==, coupling coefficienk between them can be calculated as follows

f
* 2mfLC,

resonators has its self-resonant frequency fat and another one - at

2 2
k:il(ftn+f01]\/( f; - ff] _[fozz_ fozlj (4.3-8)
2 fOl f02 f22 + f12 f022 + f021

wheref, andf; are resonant frequencies of the obtained systezaugdled resonators.
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4.3.1.3. External Quality Factor
ExternalQ-factor of a resonator can be extracted by detengiits 3dB-bandwidth from
its frequency response. Consider an equivalentnsatie circuit of a doubly-loaded

resonator presented in Figure 4-12.

A
P

GLI] C/2%2L?;§2L+C/2 LI]G

A

Figure 4-12: Schematic circuit representation dbably-loaded resonator.

In this figure,A—A’ represents the symmetry plane and the sih@leesonator has been
separated into two symmetrical parts. Applying esdd mode technique, one can obtain

the following expressions for even- and odd-modlecgon coefficients [4-13]:

_1- QA4 4.3-9a
e 1+ jQAw/ w, ( )
Sp=-1 (4.3-9b)

where ¢, =1/J/LC and « = a, +Ac With approximationAw= («” - «f)/(2w), and singly-

loaded externaD-factor is denoted by

Q, = &~ (4.3-10)

Therefore, after several manipulations, magnitddeamsmission coefficient can be written

as follows

1 (4.3-11)

‘821‘ = [1+(Q8Aw/%)2

118



It can be noticed from (4.3-11) thap{Sequals to 0.707 (or —3dB) when

Q2% =1 (4.3-12)
@,

Hence, 3dB-bandwidth and singly-loaded extefdhctor can be calculated as

Ay, =2 (4.3-13)
= 2 (4.3-14)
Qe - "
Adwyyg

Doubly-loaded externaD-factor is a half of the singly loaded one, andah be extracted

from frequency response as

Q =% (4.3-15)
Aa')sdB

Another extraction technique for the singly-loadedernalQ-factor based on analysis of

phase characteristic of reflection coefficient haen reported in [4-13]. In this case

Q=% (4.3-16)
AthO“

where Aw,,, — is the absolute bandwidth betweer®0° points in phase response of

reflection coefficient § against frequency.
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4.4.Filter Design Examples

In this section, two design examples of filters dshsupon the modules introduced

previously in this chapter are presented.

4.4.1. Design of a 4-order Filter with Hairpin and I-shaped Resonators
To demonstrate the design of an E-plane filteringdute introduced in section 4.2.3, a
fourth-order bandpass filter which, as shown presip, has two transmission zeros in both
stopbands is implemented in conventional rectamguéeveguide. The filter is designed to

satisfy the following specifications:

» centre frequency: 10.4 GHz;
* ripple passband: 10.1 — 10.7 GHz;
* return loss: 30 dB;

e transmission zeros: 9.6 GHz and 11.9 GHz.

4.4.1.1. Approximation and Synthesis
Frequency response of the filter has been apprdagohtay means of the standard technique
for pseudo-elliptic filters, presented in sectio2.8. The filter specifications yield the

following expressions for the S-parameters of tveplass prototype:

_F(s) __Fs) _
Su(s)= £ S,(s)= () (4.4-1)
P(s)=s* - 19075 +13.0149 (4.4-2)
F(s)=s"+j0.0783" +1.0085* + | 0.059%+0.1293 (4.4-3)

£ [E(s) = 3.1471(s" + (3.1764+ j0.0783s’ + (6.0532+ j0.331)s’ +

| | (4.4-4)
+ (6.8307+ j0.7164s+ (4.0611+ j0.7917)
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Figure 4-13: Coupling scheme of %-drder filter with two transmission zeros in both

stopbands.

Coupling scheme of the filter with correspondingigiing coefficients is shown in Figure

4-13. The scheme has been obtained using analyghysical structures proposed in

section 4.2.3. It consists of five mainline cougbrbetween adjacent resonators, a bypass

direct source-load coupling, and two parasitic d¢mggs between first and last resonators

and source/load. The origin and effect of this d¢imgphave been considered in section

4.2.2. Coupling matrix of the filter has been obéal by optimization, using an adaptive

algorithm (see section 3.3.3.5) realized in MATLABRJY author. The denormalized matrix

has the following form:

0
12727
0
0
0.0311
00247

1.2727
0
-1.1952
0
0
0.0311

0
-1.1952
0
-0.8746
0
0

0

0
—-0.8746

0
-1.1952

0

0.0311 0.0247]

0
0
-1.1952
0
1.2727

0.0311
0
0
1.2727
0

(4.4-5)

Thereafter, coupling coefficients can be calculabedin formulae (4.3-1) and (4.3-3).
These values ar@exis = Qexit = 10.701,ki2 = k34 = —0.069,k,3 = —0.05,ks. = 0.0014,

Kg4 = k1|_ = 0.0018.
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4.4.1.2. Implementation

The filter has been implemented using two hairgid awo I-shaped resonators etched in
the middle layer of a metallo-dielectric insertqed between two septa, arranged in the E-
plane of a conventional rectangular waveguide. {@ardtion of the filter, together with a

view of the metallo-dielectric insert containingrigline resonators, is presented in
Figure 4-14.

wg

Ay te e d,

Ldiel
(b)
Figure 4-14: Configuration of the proposédarder filtering module: (a) 3D-view; (b)

metallo-dielectric insert with stripline resonators
Design of the filter begins with determination b&trequired width of the double septum.

This can be done by extraction of value of invemaplemented by the septum from its
simulated reflection coefficient using the followiexpression:
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Jo= [ (4.4-6)
1+s,

To obtain the corresponding coupling coefficidgai, the extracted value should be
multiplied by FBW.

Determination of dimensions of resonators has beéene by analysis of frequency
responses of doubly loaded hairpin and I-shapeshegsrs. I-shaped resonators have been
examined as a stripline resonator with capacitkteraal couplings through a gap. Hairpin
resonators are not pure stripline resonators a®thee partially located between two septa;
in this application, hairpin resonators can be w®red as stepped-impedance resonators.
Resonant frequency of these resonators dependsrathl of their fractions located
between septa. For analysis of the hairpin resosatesonant frequency, it has been
considered as a network operating between rectanguhveguide input and stripline
output. For analysis of extern@factor of these resonators, the stripline outpag heen
removed, so the structure has been analyzed agla-giort network, and extern@Hactor

has been extracted using expression (4.3-16).

Gapsd;, andd,s between the resonators have been determined hingldependencies of
certain coupling coefficients, extracted from fwhve simulations, against physical
dimensions of the insert’'s elements for certairrgaf adjacent resonators. The coupled
resonators have been simulated as two-port netwoilks stripline inputs for I-shaped
resonators and rectangular waveguide inputs fapimaresonators; it should be noted that
the resonators should be weakly coupled to thet&npuorder to keep accuracy of the
procedure. A set of frequency responses used toaation of coupling coefficient between
hairpin and I-shaped resonators is presented inr&ig-15. Coupling coefficients have
been extracted from the frequency response usingiuia (4.3-7). Dependencies of

extracted coupling coefficients against gdpsandd,s are shown in Figure 4-16.
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Figure 4-15: Simulated frequency responses useextoaction of coupling coefficierk ..
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Figure 4-16: Extracted coupling coeffciekis andk,3 against gapd;» andd,s.

The described procedure based upon coupling caeftec extraction gives initial

dimensions of the filter structure for further apization (see section 3.5.2) which, for this
filter, has been carried in full-wave EM simulatAnsoft HFSS™ using quasi-Newton
procedure.

4.4.1.3. Experimental Verification

The structure has been fabricated in order to dstrae performance of the proposed filter

and prove its feasibility. Due to restrictions bétavailable manufacturing technology, the
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entire device has been realized using four sepa@tgonents: two identical septa have
been cut out of a sheet of copper foil with thick&:, = 0.1 mm; and two pieces of
dielectric have been cut out of a slab of RogersoluRT/5880™ substrates (= 2.2,
tary = 0.0009; thicknes3ge = 1.5 mm). One side of both dielectric pieces hbeen
etched: the pattern with hairpin and I-shaped raoa has been formed on the first piece,
while the second piece has been patterned by aecajip repeating the shape of septa in
order to simplify the assembling process. The feamponents have been arranged
between two halves of brass housing, in the E-plaih@ standard waveguide WR90
(22.86x10.16 mm). Photograph of the components and assembledshalvéhe filter is
presented in Figure 4-17. Dimensions of the fitex given in Table 4-1.

Parameter Value, mm

Hc 55

H; 5.45
Lc 2.6
Li 3.5

d12 0.5

dos 0.5

Lsept 10.4
diel 20

Table 4-1: Dimensions of the fabricaté®drder filter (see Figure 4-14).

125
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Figure 4-18: Simulated and experimental frequeesponses of the fabricatel-drder

filter with two transmission zeros.

The filter has been tested using the Agilent Tetdgies E8361A network analyzer.
Measured S-parameters are shown in Figure 4-1&nmparison with simulation results.
Agreement of the curves is reasonable taking imant fabrication and measurement
inaccuracies. The reason of good agreement ofithelated and measured transmission
zeros is that their positions are mainly determibgdhe length of two septa which have
been fabricated using the accurate PCB cuttinggscOn the other hand, the laboratory
did not possess enough milling tools to removettipeand bottom metallization layers of
the PCB slabs with high accuracy. Consequently, ritetallization has been removed
manually. As a result of this less accurate prqdésshairpin resonators have been slightly
damaged. This caused the shift of their resona&gjuincies. At the same time, use of the
separate copper inserts caused the issue of irdecalignment between the septa and the
dielectric pieces, which has also resulted in shiftthe hairpin resonators’ resonant
frequencies. Taking into account high sensitivifytioe filter to fabrication tolerances
(particularly, to the resonators’ dimensions), #imve issues have resulted in the severe
degradation of the inband performance.
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4.4.2. Application of E-plane Doublets in Modular Filters
Doublets, as well as singlets, can be used as faritsodular filter design which allows
overcoming issues related with high sensitivitycodss-coupled filters to manufacturing
tolerances. The doublet structure introduced itigee.2.2 can be applied as a module to
more complicated frequency selective devices. Thezdwo possible ways to arrange two
doublets in space in order to obtain advancedr fiffieucture. Unit sections can be

connected in series or in parallel.

4.4.2.1. Inline Filter with NRN

Connecting modules based on hairpin resonatorsseptlim in series, an inline bandpass
filter with four transmission zeros and four potsm be obtainedSince input and output
nodes of doublets are non-resonating, cascadimgodilles has to be performed via NRN,
role of which can be played by sections of waveguidth electrical length longer than
wavelength about the centre frequency of the fier a bandpass filter composed of two

doublets, design leads to the functional schemsepted in Figure 4-19.

. Resonator

Source Non-resonating Load
node

Figure 4-19: Coupling scheme of a doublet-basadarfliter with NRN.

Figure 4-20: Configuration of a doublet-based ialfiiter with NRN.
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Configuration of the inline filter with two doubketdesigned for centre frequency of
10.2 GHz with 900 MHz bandwidth is shown in Fig4r0. The structure contains two

identical doublets connected via an NRN which @reésented by a waveguide resonator
with E-plane ridge, added in order to lower thergjus resonance frequency and thus

improve lower stopband of the filter, maintainig compactness.

4.4.2.2. Dual-Band Filter

Source Load

. Resonator

Figure 4-21: Coupling scheme of a doublet-basedtload filter.

Figure 4-22: Configuration of a doublet-based cheaid filter.

Utilization of the doublet’'s septum as a shield eglt possible to apply connection of
doublets in parallel. Two pairs of capacitively ptad hairpin resonators placed on both
sides of the septum can act independently and witimeraction between different pairs
due to shielding effect of the septum. As a regelspnant frequency of one of coupled

pairs can be moved higher or lower maintainingdtwpling scheme and signs of coupling
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coefficients. Thus, two doublets are organized dffergént central frequencies
simultaneously, and the structure acts as a dual-dter with four poles and four
transmission zeros. Coupling scheme of the fikegiven in Figure 4-21. View of the dual-
band filter's Ansoft HFSS™ model with passband%.8t— 8.4 GHz and 10.4 — 10.8 GHz
is presented in Figure 4-22. It must be noted skatum has additional fragments attached

to its sides in order to prevent parasitic couplegveen shielded resonators.

4.4.2.3. Experimental Verification

The proposed doublet inserts have been fabricategtdining the top side of a 1.524 mm
thick Rogers RT/Duroid 5880 substrate £ 2.2, taw = 0.0009) with 0.017 mm copper
cladding using a standard PCB process. Copper lmaten has been completely removed
from the bottom side of the dielectric inserts. Beptum has been cut out of a copper foll
sheet with thickness of 0.1 mm. Finished insertioage been placed into the E-plane of a
rectangular waveguide WR90 (22:880.16 mn) composed of two housing halves made
of brass. Photograph of the E-plane inserts anthseged for experimental verification are
presented in Figure 4-23.

Figure 4-23: Metallo-dielectric waveguide insexs implementation of the proposed

doublet-based filters.

Frequency responses of the doublets and filtere leen measured with Agilent PNA
(E8361A) network analyzer. Experimental frequeresponses of the structures have been
compared to those simulated in Ansoft HFSS™. Iufégl-24 simulated and experimental
transmission coefficients of the doublet with agtesmd of 7.9-8.4 GHz are presented.
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Dimensions of the structure are given in Table 4&&2perimental curve appears to be
shifted upper by 0.25 GHz and to exhibit insertmss of 1.5 dB.

Parameters Dimensions, mm

Width of septumWsept 11.5
Length of hairpin resonatol, 6
Height of hairpin resonatol. 4.3
Line width of hairpin resonatoY\. 1
Gap between resonatof3ap 1.1
Length of dielectric slald,gel 25
Length of waveguide sectiobyq 60

Table 4-2: Dimensions of the fabricated doublet.
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Figure 4-24: Simulated and measured transmissiefficients of a single doublet.

Comparison of measurement and simulation resuttgh® inline filter is shown in Figure
4-25. Dimensions of the filter are given in Tabl@.4The measured curve is again shifted

to upper frequencies; the structure has all fowdioted transmission zeros and shows
insertion loss of 2 dB in passband.
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Figure 4-25: Simulated and measured frequency nesssoof inline filter with NRN.

Parameters Dimensions, mm

Width of septaWsept 6.5
Length of hairpin resonatol. 4.4
Height of hairpin resonatol. 4
Line width of hairpin resonatoV\, 0.8
Gap between resonatof3ap 0.6

Length of non-resonating nodgyn 16.9
Length of dielectric slald,gel 35
Length of waveguide sectiobyq 60

Table 4-3: Dimensions of inline filter with NRN.

Dielectric slab with two hairpins has been addethtostructure depicted in Figure 4-4 in

order to realize a dual-band filter. Dimensionghe smaller hairpins are given as follows:

Lc = 5.3 mm,H. = 3 mm,Gap = 1.4 mm. In Figure 4-26 simulated and experinlenta
responses of the dual-band filter are presentechsiMred response is shifted and upper
passband exhibits extra 2 dB insertion loss in @mpn with simulation.
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Figure 4-26: Simulated and measured transmissiefficents of the doublets-based dual-
band filter.

It can be concluded from comparison of simulated @xperimental results that agreement
is quite good taking into account inaccuracies adnofacturing and measurement.
However it can be suggested that experimental resgso displays an offset to higher
frequencies in all the plots. This can be explaibgéccuracy of a mill used and alteration
of effective permittivity in waveguide due to renabwf a quite thick layer of dielectric
substrate by etching machine together with cladditigher insertion loss in the upper
band of the dual-band filter occurred due to aiation error. Metallization of the
dielectric inserts of the filter was first removesing the PCB milling machine, and then, in
the areas where milling was unsuccessful, coppes wemoved manually. Frequency
response of the filter in the upper passband isrdehed by the insert containing two small
hairpin resonators (see Figure 4-23). In the aremvéden the hairpin resonators the
metallization was removed manually which resultedghortening of the left resonator due
to error. Therefore, the resonant frequency ofléfteresonator has shifted upper and this
mismatch lead to increase of the insertion logsssband.
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4.5. Summary

In this chapter the problem of cross-coupled filtdesign using metallo-dielectric E-plane

inserts in rectangular waveguides has been comrsider

In section 4.2 E-plane singlets, doublets and highder filtering modules capable of
generating transmission zeros in upper and lowepbsinds have been introduced.
Coupling schemes and corresponding coupling matoééhe modules have been analyzed
theoretically. Implementation technique for the IeRg modules using stripline resonators
and septa has been proposed. The introduced coslt®ps designing simple and compact
filters with improved stopband performance in ragwdar waveguides without using

negative coupling elements.

In section 4.3 the concept of coupling coefficieh&tween coupled resonators has been
discussed. Methods of coupling coefficients extoactfrom simulated or measured
frequency responses of the coupled resonators be®e derived for synchronously and

asynchronously tuned resonators.

Finally, in section 4.4 several design examplesro$s-coupled filters have been presented.
A compact 4-order filter with two transmission zeros has bdesigned and implemented
using a multilayer E-plane insert with hairpin drghaped stripline resonators. Utilization
of doublets as basic modules for advanced crosgleduilters has been illustrated by
design of a A-order bandpass filter with NRN, which has foumsmission zeros, the
maximum possible number. Also, a dual-band fileslized using two doublets connected
in parallel has been proposed. The filters have lbglericated and tested in order to prove
adequacy of the introduced ideas. Frequency respookall the fabricated filters have
suffered from inaccurate fabrication process. Tima@rous errors have been related to lack
of practical experience at the machine PCB falinoats well as to unavailability of tools
required for the process. Unavailability of suiallaveguide housing with a thick channel
has become an additional difficulty. Despite thhg obtained experimental results have

shown reasonable agreement with the simulatedasatg@rove validity of the approach.
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CHAPTER 5

E-PLANE EXTRACTED POLE FILTERS IN
CONVENTIONAL RECTANGULAR WAVEGUIDE

5.1. Introduction

Inline extracted pole filters with NRN have beconery popular in recent years due to
their ability to produce the maximum number of smanssion zeros equal to the order of the
filter without direct coupling between source aondd. The filters exhibit the property of
modularity, since positions of transmission zer@s de controlled independently by

adjusting parameters of separate extracted potoss¢EPS).

In rectangular waveguide technology, extracted fitiers are implemented by means of
coupled resonating and non-resonating cavitiesH§413]. This approach is inflexible, as
it excessively consumes time and resources duahiacétion of waveguide housing for
each individual filter. In contrast, E-plane tecluyy [5-4], where all-metal or metallo-
dielectric inserts are arranged in the E-planesofangular waveguides, offers more design
flexibility due to its simplicity, inexpensivenessd the fact that it allows implementation
of varieties of filters through utilizing the sarheusing. As long as E-plane inserts are
arranged in longitudinal direction, the extractedepfilters with inline topology make the
ideal solution suitable for implementation in thelane technology. However, to present
day, very few works have been dedicated to thegdesi extracted pole filters in E-plane
technology. In [5-5] the E-plane bandpass filterswaplemented with EPS connected
directly to input and output; internal EPS wereduse [5-6] for realization of a bandstop

filter.
During the last decade, several investigations me&thods of miniaturizing conventional

E-plane filters, as well as making improvementshigir stopband performance have been
carried out. It has been shown that split ring nesors (SRR) [5-7], [5-8] and S-shaped
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resonators [5-9], embedded within the E-plane ratwe, cause shifting of fundamental

resonance of the structure to lower frequenciesgameérate a transmission zero in upper
stopband. The observed phenomena have been spedylaxplained by metamaterial

effects which occur in periodical lattices compos#dSRRs or S-shaped resonators.
However, no convincing explanations of the effdidsed upon the filter theory have been
given yet. In this chapter, a comprehensive themetxplanation of the observed effects is
given; the E-plane resonator with embedded SRRs¥féped resonator is considered as an

EPS, capable of generating a single pole-transoms=ro pair.

In section 5.2 EPS containing NRNs are introduceétey components of inline extracted
pole filters. Main properties of the circuit aretlmed. Abstract generalized coupling
coefficients, applied for design of filters with NR, are presented in section 5.3.
Extraction techniques for generalized coupling icieihts within EPS and between them
are given. In section 5.4 realization of EPS inl&p technology is discussed. Several
potential implementations are proposed. It is shdhat the E-plane resonators with
embedded resonators act as EPS; generalized ogupbefficients of the EPS are
investigated as functions of physical dimensiongalfy, in section 5.5 several design
examples of inline extracted pole filters implengehin E-plane technology are presented.
Compact filters with transmission zeros in both éovand upper stopbands are designed
and fabricated. Experimental verification of theéma results and simulations is carried

out in order to prove adequacy of the proposed mode
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5.2. Extracted Pole Sections

Extracted pole sections originate from reconfigoratof the inline extracted pole filter
prototype network discussed in section 3.3.4. Taesimission line section, removed at the
first stage of the synthesis procedure, can beesemited as an equivalent circuit composed
of an inverter and two FIR elements. Details of titmmsformation are presented in Figure
5-1.

5]
Y, @ B J B
— YO = YO
targ sin@

Figure 5-1: Transformation of a transmission lieet®n in extracted pole filter prototypes.

As a result of the above transformation, the pygetof the extracted pole filter can be
reconfigured into an inline inverter-coupled netkowhich consists of EPS and single
resonators. The EPS are composed of a bandstaoprseohnected in parallel with an FIR
element, as shown in Figure 5-2a. The shunt FIRete is also referred to as a non-
resonating node, and in coupling schemes it isllysdanoted by a special symbol. In
Figure 5-2b, an equivalent representation of an EP$iven as a coupling scheme
composed of two resonating and non-resonating nddes inverter is presented as a line
connecting the nodes. Generally, EPS may be remiowedthe circuit not only at the ends
of the direct-coupled network, but also can be fedfrim the middle of a filter prototype [5-
1, 5-2, 5-10]. The entire coupling scheme of &oBder extracted pole filter with two

transmission zeros is depicted in Figure 5-3.
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Figure 5-2: Extracted pole section: (a) schemaicasentation; (b) coupling scheme

representation.

R1 R2

S N1 N2 R3 L
Figure 5-3: Coupling scheme of 4-8rder extracted pole filter with two transmission

ZEeros.

Direct-coupled extracted pole filters can also bentlsesized from input
impedance/admittance rational functions by applyhedirect synthesis technique, which

is explained in [5-10, 5-11] in details.

S+B,

G ‘]o jBN ‘]0 G

Figure 5-4: Schematic representation of a doubdyléal extracted pole section.
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In Figure 5-4 an equivalent schematic circuit ofgée doubly-loaded EPS is presented,
where J, and Jy represent admittance inverters, the resonator asleffed as unity
capacitance connected in parallel with frequencyarnmant susceptanc®;. Another
frequency invariant susceptanBg represents a non-resonating node. The circuibiblky
loaded with unity load$s. Taking advantage of the circuit's symmetry, eweeld- mode
techniqgue can be applied to analyze the prototyee reflection coefficient can be

calculated as follows:

1
Q)= , 5.2-1
8=k ) (5.2-1)
Where
F(Q)= 2330+ Bl)z (5.2-2)
BN(Q +B, —;Nj

Here, Q is a lowpass prototype frequency variable which canobtained from real

frequencyf by standard bandpass to lowpass transformation:
Q=i(i—i} (5.2-3)

wherefy is centre frequency of the filter to be designed BBW - its fractional bandwidth.

The frequency response of the prototype circuitdnransmission zero &; and a pole at
Qp:

Q,=-B (5.2-4)

JZ
Qp=-B+t (5.2-5)
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Typical frequency responses of doubly loaded EP&lwhenerate transmission zeros in
upper and lower stopbands are shown in Figure 5-5.

S-parameters, dB

BT T T T T T T T

5 4 3 -2 -1 0 1 2 3 4 5
Normalized frequency

S-parameters, dB

-80 ]

5 4 3 -2 -1 0 1 2 3 4 5
Normalized frequency

(b)
Figure 5-5: Frequency responses of EPS with arresson zero in:
(a) upper stopband; (b) lower stopband.
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5.3. Generalized Coupling Coefficients for Filters withNRN

Classical coupling coefficients (see section 48) oot be used for denormalization of
filter prototypes which include NRN, as these beeameaningless due to the fact that the
couplings involve FIR elements. In 2008, Macchiardb-12] introduced generalized
coupling coefficients (GCC) which can be used foraunt of couplings between pairs of
NRN and resonators. The parameters can be evaldiaded the synthesized lowpass
prototype of a filter with NRN, and then used famednsioning of the physical structure

similarly to the classical coupling coefficients.

5.3.1. Generalized Coupling Coefficients

jBNlm ‘]12 jBsz

Figure 5-6: Possible couplings within a filter wKHRN.

Generalized coupling coefficients are abstractipatars which keep their values when a
denormalized filter prototype with NRN is scaletth&s been recently found that in some
circuits such as cascaded extracted pole filterseltoefficients may be effectively used as
design parameters. Figure 5-6 shows all the kifhdswplings possible in a cross-coupled
filter with NRN: between two resonators (throughdrterJ;,), between two NRN (inverter
Jz4) and between resonator and NRN (inverfgsg@andJ,,). According to Macchiarella [5-

12], GCCk; for these couplings is introduced as follows:

K, =t (5.3-1)
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where B; and B; are susceptances of the corresponding resonatddiki. It should be
noted that the variabld andB; have different meanings in eq. (4.3-1) and (5.341)kq.
(4.3-1)B; andB; are determined by the value of the derivativeheftbtal susceptance at the
resonant frequency (see eq. (4.3-2)). In caseeoNRN this derivative is always zero, thus

the denominator of eq. (4.3-1) equals zero anceithiee expression becomes meaningless.

To account couplings with external loads, a geimgdlexternal quality factor is defined by

(5.3-2)

whereG is the external conductance.

The GCCk; and externalQ-factor Qex,i retain properties of the classical coupling
coefficients keeping their values during denornaian of a prototype; this means that the
GCC fully describe a prototype with NRN up to seglfactor.

To calculate GCC of a certain normalized prototypetional bandwidti-BW of the filter
should be taken into account. Assume a lowpassofyp#, where resonators are
represented by a pair of frequency invariant susceeB; and capacitanc€;; NRN are
defined solely by a frequency invariant susceptaBjc@nd couplings are represented by
admittance inverterd;. In this case the GCC can be calculated as follows

FBW\/_ resonator-resonator coupling (5.3-3)
\/7 — resonator-NRN coupling (5.3-4)
J.
k; =——== — NRN-NRN coupling (5.3-5)
\/|B||[IBJ|
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The generalized extern@Hfactor for resonating nodecan be calculated by

S (5.3-6)

Qs = 37 TFBW

If nodei is NRN, the expression for the generalized exteatactor yields

o

Qext,i = (53_7)

(&)
onN
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5.3.2. Extraction of GCC for EPS
GCC can be calculated from the synthesized noredlprototype; and also, these values
can be extracted from full-wave simulations of teal structures to implement the filter, or
from measurement results. The design problem hesatching calculated and extracted
values of the GCC. Solution to this problem givies initial dimensions of the required
filter. In this section, expressions for directrextion of internal and external GCC of EPS

from frequency response are derived.

5.3.2.1. Extraction of Internal NRN—Resonator Coupling
It can be noticed from (5.2-1) and (5.2-2) thatcheuit from Figure 5-4 can be completely

described by three parameters: two rativé/B,, JZ/B, and a frequency invariant
susceptancB;. In terms of GCC, the first ratio connotates theased coupling coefficient

between resonating and non-resonating nodes, whéreassecond ratio shows the reverse

external quality factor:

» _ %
ki =—N 5.3-8
Y ( )
B
Qext = J_’;l (53-9)
0

Taking into account expressions (5.2-4) and (5,28R)and ky can be extracted from

measured or simulated frequency responses usirfgltbe@ing expressions:

B =-Q, (5.3-10)
kKX=0Q,-0Q, (5.3-11)

It can be concluded from (5.3-8) and (5.3-11) thadceptance of the non-resonating node
By should be negative to arrange a transmission abave the filter's passband, and

positive to place it below passband. At the samee tiexpression (5.3-11) shows that

separationbetween two eigenmodes is determined by the alesvllue of the GCQy. By
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finding solutions which allow obtaining high&x, stopband performance of the designed

filters can be improved by placing additional transsion zeros further from passband.

5.3.2.2. Generalized External Quality Factor

Similarly to the conventional resonators case [h-ft® generalized external quality factor
can be extracted from evaluation of the 3dB-bantdwaf a single EPS. It is seen from
(5.2-1) that magnitude d§; equals —3dB wherF(Qsq4g)| = 1, and therefore the external

quality factor can be rewritten as:

2(Q3dB B Qz)

Qex = i
t Q3dB _QP

(5.3-12)

Taking into account that half of the 3dB-bandwidttan be approximated as
AQ34p/2 = |38 — Qp|, €quation (5.3-12) can be simplified to:

4k7
Qext = :
AQ3dB

(5.3-13)
Equations (5.3-10), (5.3-11) and (5.3-13) form & sé& expressions for complete
characterization of a single EPS with arbitrary lenpentation. This is particularly
important for structures, in which values of ineestor susceptances can not be calculated
directly or these calculations are bulky. Exampmésuch structures will be discussed in

section 5.4.
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5.3.2.3. Coupling Between Adjacent Asynchronously Tuned Sewas

VIR e L
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Figure 5-7: Schematic circuit representation of agigacent EPS coupled through

admittance inverter.
Assume that two arbitrary EPS are connected thradghittance inverter of valu®, as

shown in Figure 5-7. For analysis the invertereplaced with its equivaleri-network,

and condition for natural resonance of the circart be written as:

, (5.3-14)

whereYg and Y, are the input admittances when we look at thet regid the left of the

reference plan@—A’ in Figure 5-7. The input admittances can be exaess follows:

71L: 2;12 " 1 7z (5.3-15)
Ut G

Y_1R:2112+Y - 1 7 (5.3-16)
>~ Mt G

where
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Y=jB,——— M i=12 (5.3-17)

Let us denote the positions of poles and zerosatedeby both single sections examined
individually asQp1, Qz1, Qp, andQz, respectively. Assuming that external couplingshef
structure are very weak, i.&1=J,. = 0, and applying substitutions from (5.2-4), (5)34¢b

(5.3-17), after several manipulations the followaguation can be obtained:

(Q _Qpl)(Q B QPZ) = |2 (5.3-18)
(Q-Q,)(Q-9,,) = |

where

2
‘]12

BNlBNZ

k5, = (5.3-19)

is defined as squared G&g; between two asynchronously tuned EPS.

RootsQ; andQ, of equation (5.3-18) correspond to two self resora of the system in
terms of normalized frequency. Solving (5.3-18) amambining roots, we obtain the

expression for experimental evaluation of the segh& CCk;:

klz — Qle B Qplsz

= (5.3-20)
? Qle - Qszz
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5.3.2.4. Coupling Between EPS and Resonator
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Figure 5-8: Schematic representation of EPS couplédresonator through admittance

inverter.

Schematic circuit used for extraction of GCC betwesbitrary resonator with resonant
frequency at normalized frequen€y = -B; and an EPS connected through admittance

inverterJ;, is shown in Figure 5-8.
The circuit can be solved using the technique edph the previous section, and formula
(5.3-14)—(5.3-16) are correct for this case, as askxpression (5.3-17) is correct fer 2.

However, here we usé =j(Q + B,) in (5.3-15) to represent the resonating node.

Making assumption that external couplings are wdakjnitial eigenmode equation can be

converted into the following one:

(Q_Qpl)(Q_sz) 2

0-0 =k, (5.3-21)
z2
where
JZ
kfz =12 (5.3-22)
BNZ

is the squared GCC between resonating node andMERS.
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Expression for extraction of the GCC can be obthimgcombining two root®; andQ, of
equation (5.3-21):

(5.3-23)
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5.4. Implementation of EPS in E-plane Waveguide Filters

Since EPS consist of pairs of resonators and NRIiN,donvenient to implement the NRN
as a strongly detuned standard E-plane resonalichweveals the required susceptance at
a certain narrow band, where this susceptance earobsidered as frequency invariant.
The E-plane resonator (referred to as the E-plaR& Nbelow) contains homogeneous

waveguide section between input and output sept@ donfiguration is presented in

Figure 5-9.

L
I I
I‘NRN : |
I
I I

. ____ -
N o~

Figure 5-9: Configuration of an E-plane NRN in esgjular waveguide.

~
~

The other part of an EPS is a resonator, whichbeaconveniently embedded within the E-
plane NRN, between two septa. This type of strestuwvith embedded split ring resonators
(SRRs) and S-shaped resonators has been invedtigaaously [5-9, 5-14], however the
phenomena observed during the investigation wernherarelated to effects of
metamaterials, and EPS were not addressed.

In this section, EPS based upon E-plane NRN witvers¢ embedded resonators are
considered. Investigation of dependences betwetaoted GCC and real dimensions is
carried out. Then, the aspect of losses in theqeeg EPS is discussed. Finally, stopband
performance of EPS is studied theoretically. Comsparof the proposed E-plane structures

by losses and stopband performance is done usiihgdue simulations.
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5.4.1. EPS with Embedded S-shaped Resonators

\ - _ _ _ ______ -
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~

Figure 5-10: Configuration of an E-plane EPS withbedded S-shaped resonator in

rectangular waveguide.
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Figure 5-11: Comparison of frequency responses &RS with embedded

S-shaped resonator and a hollow E-plane resonator.

Configuration of an EPS with S-shaped resonataregtangular waveguide is shown in
Figure 5-10. The S-shaped resonator, located inrigelle of the E-plane NRN, can be
considered as ay/2-long section of stripline folded into the S-skdpstructure, which
maintains field distribution of a conventiorgf2-wave stripline resonator: electric field
has its maximum magnitude at the ends on the ré&sgnehile maximum of magnetic field
occurs at the middle. Due to angle discontinuitiethe loop the S-shaped resonator reveals

slightly lower resonant frequency than conventiohgP-wave stripline resonator of the
same length.
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The structure can be realized using a metallo-clieteslab with the S-shaped resonator
and septa etched on its top side, which can thems$erted within the E-plane of a

rectangular waveguide, between two halves of itgshng. Typical simulated frequency

response of the configuration is presented in &4l 1. It is evident from the plot, that the
structure reveals two widely separated resonantesi@hd a transmission zero between
them. Considering the low-frequency mode as a mesnnance and high-frequency mode
as a higher-order resonance, it can be concludad the transmission zero improves
attenuation at the upper stopband in comparisoh thi¢ hollow E-plane resonator case
(compared response shown in Figure 5-11). On ther dtand, the pair of the first pole and
zero can be considered as generated by the EP§ ib&ioduced. In this case, the higher-
order resonating mode can be explained by crosghogs of two interacting resonators,

one of which is the E-plane NRN. This effect widl bomprehensively illustrated in section
5.4.6.

In the next several subsections, effects produgedabiation of different dimensions of
elements of the EPS with S-shaped resonators téreitgiency response and GCC are

investigated.

5.4.1.1. Effect of NRN’s Length Variation

To examine the effects caused by variation of ¢éingth of NRN in the EPS with embedded
S-shaped resonator, a model of the EPS based ugsah structure has been developed. S-
parameters of the E-plane EPS with metallo-dieleatsert organized within a rectangular
waveguide have been simulated in full-wave elecagmetic simulator CST Microwave
Studio™ for several values afrn While all the other dimensions have been fixelde T
resultant family of curves is presented in Figurd2a. Key parameters of lowpass
prototype of EPS have been extracted from the wbtaresponses using expressions for
GCC extraction derived in section 5.3. Lowpassqiyqe values have been calculated for
the centre frequency of 9.45 GHz and 0.4 GHz badthyiwhich will appear as filter
specifications in section 5.5.3. Dependences ana®r’'s frequency invariant susceptance

B: and squared internal GCC between NRN and resokgton the length of NRNLnrwiS

shown in Figure 5-12b.

153



[a1)]
° 40 Loy = 4 MM
= Lyey =5 mm I
ﬂ -1 Lyry = 6 mm ”
Lyrn = 7 MM
-60 - — Lyry = 8 mMm |
d— — Lixn=9mm I
Lyry = 10 mm
'80 1 1 1 I 1 1 1 I 1 1 1 I 1 1 1
9 10 11 12 13
Frequency, GHz
(a)
-5 0
. i =
— B X
m R
Q
8 — 50
g - 3
a - N
o - ©
a — -10 ©
A C o
[ o
-15

Length of NRN (Lygy), MM
(b)
Figure 5-12: Effect of variation dfygrnin EPS with embedded S-shaped resonator
(Ls = 3 mm;Hs = 5.5 mmiLsepe= 5 mm): (a) simulated frequency responses;
(b) extracted values.

It can be observed from Figure 5-12 that the vali8; remains almost unchanged for
NRN’s longer than 5 mm, where this parameter veawly decreases with increasihggrn
Considerable increase d@; for NRN shorter than 5 mm originates from capaseiti

interaction between input/output septa and embedegaohator, which results in decrease
of its resonant frequency. From Figure 5-12b itlésr that the GC&? decreases linearly

with stretching of the NRN.
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5.4.1.2. Effect of S-shaped Resonator’'s Dimensions Variation
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Figure 5-13: Effect of variation dis in EPS with embedded S-shaped resonator
(Ls = 3 mm;Lnrn= 7 mmi;Lsept= 5 mm): (a) simulated frequency responses; (brpeted

values.

Effects of varying the dimensions of S-shaped raswnn EPS are illustrated in Figures 5-
13 and 5-14. It can be noticed from comparisonxtfaeted values 0B, in Figures 5-13b
and 5-14b that increasing the height and lengt8-shaped resonator causes similar linear
increase of its resonant frequency and thus leadant increase in the value of the

susceptance. Comparison of dependences of &C6n S-shaped resonator’s dimensions

suggests that the value of GCC decreases with a&oge of both parameters. However,
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variation of S-shaped resonator’s lenggappears to have more influence on the extracted
GCC, patrticularly for realization of low resonargquencies.
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Figure 5-14: Effect of variation d&fs in EPS with embedded S-shaped resonator
(Hs = 5.5 mm;Lnrn= 7 mm;Lsepr= 5 mm): (a) simulated frequency responses;
(b) extracted values.
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5.4.1.3. Effect of Input/Output Septa’ Lengths Variation
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Figure 5-15: Effect of variation dfseptin EPS with embedded S-shaped resonator
(Hs=5.5 mm;Ls = 3 mm;Lyrn= 7 mm): (a) simulated frequency responses;
(b) extracteex:

In Figure 5-15 an effect caused by alteration plutrand output septa lengths in EPS with
embedded S-shaped resonator is presented. Variatidhe septa’ length modifies the
energy flow from the source to the system of tteomator and the NRN, and causes the
same effect as in a doubly loaded resonator, wireshlts in widening the 3dB-passband
with decrease of the septa’ length. It is evideotrf Figure 5-15b that a wide range of
generalized external Q-factors can be realized Ihgnging the values of lengths of
input/output septa. Th@exshows a nonlinear decrease with increadesgf Also it can be
noticed from Figure 5-15a that position of transiwa zero remains practically unchanged,

slightly drifting to higher frequencies with septailarging.

157



5.4.2. EPS with Embedded Split Ring Resonators
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Figure 5-17: Comparison of frequency responses &RS with embedded SRR
(Lsrr= 2.7 mmjHsrr= 2.7 mm;g = 0.3 mm;Lsep= 1.5 mm; lyrn=9 mm) and a hollow

E-plane resonator.

Similar results can also be achieved when the $exheesonator is replaced with a square-
shaped SRR in the middle of the E-plane NRN.SRR is constructed as two concentric
rings terminated by a narrow gap in their middlewcts a structure has found wide
applications in metamaterial techniques [5-15] -17% as arrays of SRR exhibit negative
permeability in a narrow band. However, a singleRS&es not possess metamaterial
properties and in waveguide this structure shoeldubalyzed as a system of two strongly
coupled ring resonators, thus having two widelyasafed low- and high-frequency
resonant modes. Also it is reasonable to pay aterd the low-mode only, as the high-
mode appears at a frequency above the cutoff freyuef the Ty mode.
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In an EPS with'SRR, the SRR is usually arranged between two cogi@epta on the top
side of a dielectric slab as shown in Figure 5-ABernative configurations are also
available, such as split rings arranged on diffesgthes of the substrate [5-18]; however,
this approach is more complex to realize. A sinmdatransmission coefficient of an EPS
with SRR is shown in Figure 5-17 along with theyiwasly considered frequency response
of the hollow E-plane resonator. It is evident frtime plot that the E-plane resonator with
SRR insertion reveals a response similar to the alstained using S-shaped resonator,
where a transmission zero is located between tiespblowever, stopband performance of
this EPS is much worse than that of the EPS wish&ped resonator.

5.4.2.1. Effect of NRN’s Length Variation

Lygy =5 mm

-30 Lyry = 7 Mm
Lygy = 9 mm

7 Luay = 11 mm

-40 L L L L LR B B L B

7 8 9 10 11 12 13 14 15
Frequency, GHz

Figure 5-18: Effect of variation of the lengthlgfznin EPS with embedded SRR
(Lsrr= 2.7 mm;Hsrr= 2.7 mm;g = 0.3 mm;Lsep:= 1.5 mm).

Effects caused by variation of NRN'’s length in EM8 embedded SRR have been studied
based on the same principle that has been discussedtion 5.4.1.1. Figure 5-18 presents
a family of frequency responses of the EPS simdl&iedifferent values ofngn It can be
concluded from analysis of the figure that separatbetween pole and zero slightly

increases with enlarging the NRN, while the trarssioin zero retains its position. This

suggests that the absolute values of GGCin EPS with embedded SRR are smaller and
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insensitive to variations dfygy in comparison with the previously considered ERtB 8-
shaped resonator.

5.4.2.2. Effect of SRR’s Dimensions Variation
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Figure 5-19: Effect of variation dfsgrin EPS with embedded square SRR

(HSRR: Lsre LNrRN= 8 mm;g = 0.3 mm;Lsept: 1.5 mm)

Observation into the effects caused by varyingléngth of SRR in EPS has been carried
out. Simulations for different values bgrgrhave been conducted using CST Microwave
Studio™. The resultant family of transmission clegedstics is shown in Figure 5-19. It is
noticeable from the simulated results that reductid the SRR’s length leads to the
transmission zero being drifted to higher frequescDue to numerous folds and, thus, the
compactness of the SRR, position of the transmmszno is very sensitive to tolerances on
SRR'’s size, which may result in reproducibilityuss at the fabrication stage. It should be
noted that SRR of square shape has been chodérstmte this investigation, as effects of
variation ofHsrrandLsgrhave appeared to be identical. Therefore, in géni¢is possible

to vary the ratio between height and length of SRBrder to generate a transmission zero
at the required frequency, taking into accounta#sidesign constraints, such as the height

of the basic waveguide or length of NRN.

The effect of input/output septa’ width for the EmM&h SRR is similar to the one
previously discussed in section 5.4.1.3. This ¢ffecommon for all the resonators to be

considered below, thus it will not be analyzed étadl.
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5.4.3. EPS with Embeddedi/4-wavelength Resonators

RNEE -t

~
~

Figure 5-20: Configuration of an E-plane EPS wittbedded\/4-wavelength resonator in

rectangular waveguide.
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Figure 5-21: Comparison of frequency responsesi&RS with embeddéd4-wavelength

resonator and a hollow E-plane resonator.

Practicability of the use of S-shaped resonatord, @specially, SRRs in the EPS is
ambiguous. On the one hand, for realization ofdnassion zeros at high frequencies, these
structures should be very small, which require igeedabrication process; on the other
hand, for use at lower frequencies, these beconge Istructures, occupying significant
area. In this case, the width of these elementstints the range of possible values of the

length of NRN, which determines how close to thespand transmission zeros may be
located.
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The problems related to the resonators’ size canvbecome by using quarter-wavelength
resonators, which consist oh&t-wavelength microstrip section with one of thel®open,
and the other one shorted to the ground plane. rékenant frequency of this type of
resonators is determined by their electrical lengdince the E-plane of rectangular
waveguides crosses its top and bottom groundedwais convenient to connect an end of
the A/4-wavelength resonator to one of these walls, tas ishown in Figure 5-20.
Resonators of th&/4-wavelength type have been widely used in fillessg distributed
commensurate and non-commensurate lines [5-19]5&mulated frequency response
of an EPS withi/4-wavelength resonator is compared to the one sandard E-plane
resonator in Figure 5-21, from which it is evidémat the behaviour characteristic to EPS
with S-shaped resonators is retained, as the paiole and transmission zero are clearly
available.

5.4.3.1. Effect of NRN’s Length Variation

ISl, dB
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Figure 5-22: Effect of variation dfygnin EPS with embedd&d4-wavelength resonator

(Lres = 4 mM;Wies = 1.5 mMiLsept= 5 mm).

Figure 5-22 illustrates the effect of variationtbé NRN’s length in EPS with embedded
M4-wavelength resonator. The effect is similarite éffect of varying the same parameter
of the EPS with S-shaped resonator discussed tioseg.4.1.1. Increasingnry leads to
slight drift of transmission zero due to decrea$eparasitic capacitance between the
embedded resonator and septa, which results irtirgglthe resonant frequency of thid-

wavelength resonator.
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Simultaneously, space between pole and zero cdhstaidens with growth oLygn This
can be explained by increase of interaction oftete@ields together with corresponding

decrease of magnetic coupling between the resomatNRN due to alteration of their
structure with variation of geometry.

5.4.3.2. Effect of A/4-wavelength Resonator’'s Dimensions Variation
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Figure 5-23: Effect of variation dfsin EPS with embedded4-wavelength resonator

(Lnrn= 9 MM;Wies = 1.5 mmiLgepr= 5 mm).

9 10 11 12
Frequency, GHz

Figure 5-24: Effect of variation &sin EPS with embedded4-wavelength resonator

(Lnrn=9 mMmi;Lres = 4.5 mMiLgepe= 5 mm).

lllustrations of effects of variation dfes andWes 0of A/4-wavelength resonator in EPS are
given in Figures 5-23 and 5-24. It is seen thatati@n of L. leads to the effect observed
in section 5.4.1.2. At the same time, the EPS isthat sensitive to variations &f#es,
which can be used in tuning of filters with EPS.
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5.4.4. Embedded Stepped-Impedance Resonators
Stepped-impedance resonators (SIR) are often uséukeidesign of microstrip bandpass
filters. SIRs are employed to achieve miniatur@atof resonators without degradation of
the Q-factor. This feature can be used in E-plane EPSrder to generate transmission

zeros at lower frequencies.

5.4.4.1. Stepped-Impedance Resonators
ZZ Zl |
’—> ﬁ
Yin H—’H—M el -
eT
(a)
ZZ Zl ZZ
0 0 | 0
2l ple i ple 22yl
o
< >
(b)
Figure 5-25: Stepped impedance resonators./{alype; (b)A/2-type.

Stepped impedance resonator is a transmissionds@nator that consists of two or more
lines with different characteristic impedance [3-2Bwo most popular SIR are short-
circuitedA/4-type and open-circuited2-type resonators shown in Figure 5-25. It is entd
from this figure that the/4-type SIR consists of a short-ended line withraberistic
impedanceZ; and electrical lengti?; connected to an open-ended line with characteristi
impedanceZ, and electrical lengti,. This structure can be considered as a fundamental
element of SIR; the/2-type resonators consist of two such elementsi@tted to each

other by short-circuited ends with grounding repthby this connection.

The input admittance of thé4-type SIR, shown in Figure 5-25a can be written a
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_ iy Y, tang, [tand, -,

= 5.4-1
n =T Y, tand, +Y, tané, (5.4-1)

Short-circuited\/4-type resonators behave like a parallel resomamcuit. Hence, the

parallel resonance conditiofy, = 0 applied to them, yields:
tang, dand, =V,/Y, =72,/Z, =R, (5.4-2)

Expression (5.4-2) shows that the resonant comdibb SIR is determined by electrical
lengths6,, 6,, and impedance ratig;. Comparing to conventional uniforii4-wavelength
resonators, analyzed in section 5.4.3, the resenemadition of which is solely determined
by the electrical lengtl§IRs have an extra degree of freedom that can & insfuture

designs.

Total electrical length of resonator, given in Fg%-25a a#r, for resonant condition (5.4-

2) is equal to:
6, =6,+6, =6, +tan*(R, /tand,) (5.4-3)

150 5

120 1

R=0.1

0 30 60 90
0
Figure 5-26: Relationship between total electrieapth andg, for resonant condition

given for different impedance ratios.
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Figure 5-26 illustrates total electrical lengthSIR in terms o, for different impedance
ratios R;. It can be seen that total electrical length sbre&ator has maximum value when

R, 21 and minimum value whermR, < .1Condition for these maximum and minimum

values has been derived as [5-24]:
6,=6,=tan*/R, (5.4-4)

Conditiond; = 6, is a special condition which gives the maximum amdimum length of

SIR which can be expressed as [5-25]:
2R
= tan‘l(—zl (5.4-5)

Equation (5.4-5) provides minimum value #r when 0 <R; < 1 and 0 <4y < «/2, and
maximum value fofr whenR; > 1 andrn/2 < 1 < =. In practice, for microstrip SIRs, this
means that the shorted section should be narrdvegr the open one in order to obtain

lower resonant frequency, and wider than the opetia to increase resonant frequency.

The distinct feature of SIR in comparison with anmh ones is that the SIRs' length can be
controlled by changing impedance rag This can be used for designing SIRs, which are
shorter then their conventional counterparts, ragog at the same fundamental resonance
frequency. At the same time, SIRs can be emplogexbntrol the first spurious passband
of bandpass filters. More information about thiatége of the SIRs can be found in [5-26,
5-27].
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5.4.4.2. EPS with Embedded SIR
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Figure 5-27: Configuration of an E-plane EPS

with embedded SIR in rectangular waveguide.
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Figure 5-28: Comparison of frequency responsedR§8 with embedded SIRs for different

width combinations (impedance ratios).

Configuration of an EPS with embedded SIR is preskin Figure 5-27. It is seen from
this figure that the SIR is implemented as two isest of microstrip lines with different
widths on top layer of dielectric substrate insérite the waveguide’s E-plane. One of the
sections is connected to the top ground plane efathveguide just as thé4-wavelength

resonator discussed in the previous section, amdttrer is left open.

Let us consider an EPS with embedded SIR compotdd@m sections with the same
electrical lengthsé; = 05, the condition from (5.4-4) is fulfilled), but d&rent widths {V; #
W,). According to equation (5.4-5), W; < W, the resonant frequency should decrease,

therefore the transmission zero of the EPS showldentowards lower frequencies;W, >
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W,, the resonant frequency should decrease, hendeatismission zero shifts towards the
higher frequencies; ¥V, = W,, then the SIR turns into the conventioi&-wavelength
resonator. For the latter case, the resonant fre;yuand the corresponding transmission
zero appears between the transmission zerdd/fer W, andW;, > W,. The argumentation

is illustrated by simulation results presentedigufe 5-28.
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Figure 5-29: Effect of variation of SIR’s lengthatio on transmission zero position in EPS
with SIR (Liotal = L1+L2 = 6 mm; W = 4 mm; Lsept= 5 mm).

To study the effect of variation of lengths ratinSIR, an EPS with 6 mm long SIR has
been simulated for different widths and length®pén and shorted sections and positions
of the transmission zeros have been retrieved th@rsimulation results. Dependences of
SIR’s resonant frequency on the length of the sldbdectionL; for variable W; and
constant\, andLy are shown in Figure 5-29. It is evident that thief of the family of
curves is similar to the one presented in Figu65However, the conditioh; = L, for
maximum and minimum electrical lengths is not medi in this case; in real structure this
condition is fulfilled forL; > L, due to the effect of parasitic capacitive load catsidered

theoretically in section 5.4.4.1.
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5.4.5. Analysis of Losses and Size Reduction in E-plane Weguide EPS
In order to carry out an analysis of losses ingheviously introduced EPS and degree of
size reduction achieved by them in comparison wittandard E-plane resonator, all the
EPS in this section are considered as single rés@aith main resonance at the pole
frequency, while the transmission zero is ignoféds is required for applying the standard

Q-factor approach commonly used for characterizatidosses in resonant circuits [5-28].

The analysis includes comparison of different ERSubloaded Q-factors and other
characteristic parameters. In order to keep cargigtof comparison, EPS with embedded
S-shaped resonator, SRR4-wavelength resonator and SIR, as well as a atdnig-plane
resonator have been designed to reveal the samefreguency of 10 GHz and have the
same 3dB-bandwidth, which may vary within 10%. Thieans that EPS may have
different input and output septa lengths as welthes lengths of NRN section. All the
structures have been analyzed in a full-wave @ewgnetic simulator CST Microwave
Studio™. The resultant transmission characterigifche EPS are presented in Figure 5-
30.

|S,,], dB
1

pure E-plane
S-shaped
SRR

— M4-wave
— SIR

‘60 IIIIIIIIIIIIIIIIIIIIIIIIIIIIIII

7 8 9 10 11 12 13 14 15
Frequency, GHz

Figure 5-30: Frequency responses of EPS of alktyised for analysis of losses, size

reduction and stopband performance.

The following parameters of the resonators havenbeetracted from the available

simulated frequency responses: the loaQe@ctor Q. ; the unloaded-factor Qy, which
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describes losses in resonators; and the ext€pfattor, Qex, Which shows the external

coupling properties of resonatoi@-factors have been extracted from the simulated dat

using the well-known expressions [5-22]:

— fres

QL B AfScIB

Q
Q=
1_ %l( fres)

1 1 1

- = 4+
QL Qext

(5.4-6)

(5.4-7)

(5.4-8)

Summary of theQ-factors extracted from all the structures is pnéseé in Table 5-1

together with their total lengths, which show thegike of size reduction achieved by

employing EPS approach.

Parameter E-plane Type of resonator embedded in EPS
resonator| S-shaped SRR | A4-wave| SIR
NRN'’s length*, mm 13.8 7.2 9.1 5.9 6.0
Total length, mm 24.8 17.1 13.5 13.9 14
UnloadedQ 2660 674.6 309.7 1042 904.3
LoadedQ 39.9 43.6 40.3 41.7 41.6
ExternalQ 40.5 46.6 46.3 43.4 43.6

*Length of resonator excluding input/output semalollow E-plane resonator

Table 5-1: Comparison of dimensions &xdiactors of E-plane resonator

and EPS at 10 GHz.

It is evident from the table that lengths of theSE&e reduced by 31-43% in comparison

with the length of hollow E-plane resonator, whildoadedQ-factor dropped by 61-88%.

Losses in the EPS are concentrated in the embedgmhators realized by means of

narrow striplines. The hollow E-plane resonator Has highestQ-factor as it does not

contain any embedded resonator. Ohmic and skimtefi@esses in the septa mainly
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contribute into the overall losses in this casetha EPS withi/4-wavelength resonator
additional high ohmic and skin-effect losses appe#ne resonator. Therefore, tQefactor

of the EPS drops significantly. In the SIR resondtsses also occur due to the square
corners. In the S-shaped resonator current flowsetwonger distance than in theé4-
wavelength resonator, therefore the ohmic and sKerct losses are almost twice as higher.
The SRR has the lowe&factor due to the narrower conductors used irritiges (in order

to reduce the SRRs’ size) and additional lossede@lto the proximity effect. The losses
can be reduced by cutting off the available righglas and increasing conductor widths;
however this approach leads to inability to realszmall resonators for high resonant

frequencies.
Analysis of the values of extern@Hfactors suggests that for the EPS with SRR, theesa

external coupling can be realized by using narrosegta, which leads to additional size

reduction of filters.
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5.4.6. Analysis of Stopband Performance of E-plane Wavegde EPS
In section 5.2 a model of EPS has been consides@dh takes into account only one pole
and one transmission zero produced by the EPS. voweeal structures do not display
ideal behaviour. In bandpass filters this becompgaeent as spurious resonances in
stopband. In this section, stopband performanddefintroduced EPS will be compared.
Analysis of the effects in the stopband causeddspmant character of NRN used in E-

plane EPS will be presented.

5.4.6.1. Comparison of Stopband Performances of EPS

Comparison of stopband performances of differens BRd a standard E-plane resonator
have been carried out based upon the same prinegptbe comparison @-factors and
lengths discussed in the previous section. AIIERS introduced in section 5.4 have been
tuned to the same main resonant frequency of 10, @Hd position of the second-order
resonance has been extracted from the simulatgdeney responses of these structures as
an attribute showing the stopband performance.efber, Figure 5-30 can be used for the
purpose of comparison of stopband performanced. | is evident from this figure that
transmission zeros in upper stopband significamttyprove the stopband of EPS in
comparison with the hollow E-plane resonator in frequency range between two
resonating modes. However, each of the proposedexRibits the second-order resonant
frequency lower than the first spurious resonaridgée hollow E-plane resonator, which is
located at a frequency slightly above 15 GHz. Fieigure 5-30 it can be noticed that
spurious resonance of the EPS with embedded S-dhr@genator appears at about 14.3
GHz, which is the best result for the considergubsyof EPSA/4-wavelength resonator and
SIR based EPS reveal their spurious resonances atGHz, which are accompanied by a
transmission zero at 14 GHz. This pair of pole aath appears because of the second-
order resonance of the embedded resonator whiamsfaanother, spurious EPS, in
combination with the NRN. EPS with embedded SRRwshdhe worst stopband
performance as its spurious resonance appearsyat bi@ GHz. Theoretical explanation of

observed behaviour of the considered EPS is givéina next section.
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5.4.6.2. Theoretical Analysis of Stopband Performance of EPS

S+jB,

Source S+B, Load

Figure 5-31: Coupling scheme representation of A8 Esed for stopband performance

analysis.

The higher-order resonances in EPS are determwedrasitic effects, which are not taken
into account in the circuit model of EPS discussedection 5.2. A more accurate model
for analysis of spurious resonances should talkedanhsideration the resonating character
of the NRN represented by a strongly detuned stanBaplane resonator and parasitic
couplings, taking place between source/load noddgtee embedded resonator. Therefore,
the new model for analysis of stopband performasfcEPS includes two resonators: the
main E-plane resonator and the inserted one. Tmators are coupled to source, load and
each other, while the only weak direct couplingwssin source and load is neglected.
Coupling scheme of the resultant EPS is depictedrigure 5-31. Couplings between

elements of the functional scheme are defined bgnmef the following coupling matrix:

0 Jy Js, O

M =| oS By Jn I (5.4-9)
Js2 Iy B Iy
0 Jy Iy

Analytical expression for S-parameters of the nektwaan be obtained by processing the
coupling matrix using the technique discussed atice 3.3.3.5. Applying formula (3.3-30)
and (3.3-31) to the coupling matii, and assuming that the network under consideration
is symmetrical (which implieds; = J;. andJsny = Jnu), positions of pole®p; » and zeros2;

of the network can be calculated analytically as:
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Qo :-@i%J(a—BN)ZMJg (5.4-10)

Q, = 2J N‘]SN‘]‘S]lz_ ié‘r]\lzBl - J5By (5.4-11)
sn T s

From (5.4-10) it is clear that locations of polespend on self-resonance frequencies of
both resonators, and on coupling between them.r8epa between two global resonant
modes of the considered doublet widens as the éexfrdetuning of the two resonators is
increased, as well as with the increaselpfegardless of sign of coupling. The latter is
particularly useful as it allows creation of a wistepband without modifying the E-plane
resonator, solely adjusting parameters of the eddsbdesonator, such as self-resonance

frequency and shape in order to obtain the highessible coupling coefficient.

Concerning the EPS structures, which stopband pedioce has been compared in the
previous section, it can be suggested, that thieaBesl resonator is strongly coupled with
the E-plane resonator (NRN), as the available twtegp are widely separated. This is
because the S-shaped resonator is located in ¢ae &here electric field of the E-plane
resonator is concentrated. Thus, magnetic fieldseiofresonators are scarcely overlapping,
and interaction between them becomes strongly dagacSame explanation is correct for
the EPS withi/4-wavelength resonator and SIR. In contrary, dogptoefficient of SRR

with the E-plane resonator is smaller because tlglog coefficient has larger magnetic
component due to stronger magnetic coupling ot splgs and E-plane resonator’'s mode.
At the same time, electric coupling component bezomeaker as the gaps in split rings
are shifted from the middle of NRN, where electfield is concentrated. Hence the
resultant coupling coefficient decreases and the lgetween two poles becomes much

narrower.

Equation (5.4-11) shows that position of transroisstero can be generally shifted by

changing external coupling coefficients, keepingikable poles unaffected. However, if

(5.4-11) is simplified for analysis by division nfimerator and denominator k,,, it can

174



be seen that the position of transmission zeralig flescribed by four parameters: inverter

valueJy, values of susceptancBsandBy, and ratials/Jsn

P PR (5.4-12)

It is evident from (5.4-12) that weak parasitic pling Js; and strong main line coupling
Jsn lead to the same effect: the position of transimiszeroQ; tends to B; in terms of
lowpass prototype normalized frequency. In practioeth weakJs; and stronglsy are
combined and it can be assumed that the posititran$mission zero is determined by the

resonant frequency of the embedded resonator.

Another important consequence of expressions (8)4-4nd (5.4-11) is that the
transmission zero always appears between two pbiesan be easily proven that the

following inequality is always true for the netwarkder consideration:

_ BHZBN _%\/(Bl—BN)2+4J§ s—Bls—Bl;B“ +%\/(Bl—BN)2+4J§ (5.4-13)

Equation (5.4-13) also suggests that in order wmgtlean EPS with transmission zero in
lower stopband, the second-order resonance sheultbibsidered as the main resonance,
while the first-order resonance becomes unwantexttieally, a transmission zero in lower
stopband can be obtained by changing the signeoNtRN’s susceptance, which can be
realized by increasing its length. Therefore, tHRIN\ self-resonance frequency decreases

significantly, and the unwanted resonance appedmiier stopband.
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5.5. Filter Design Examples

It has been shown in the previous section thabti§&eplane EPS in rectangular waveguide
results in improvement in size and selectivity iomparison with standard E-plane
resonators. In this section, several design examnpfeextracted pole filters with the

considered EPS are presented. The examples amizmgaccording to the standard filter

design procedure described in chapter 3.

5.5.1. Design of a &'-order Filter with Single Transmission Zero
To demonstrate the design of inline extracted pittler by extraction of GCC between
hollow E-plane resonators and EPS, a third-ordaedpass filter with a single transmission
zero in upper stopband is implemented in conveatioectangular waveguide. The filter is

designed to satisfy the following specifications:

» center frequency: 9.45 GHz;
* ripple passband: 9.28 — 9.62 GHz;
e return loss: 18 dB;

e transmission zero: 11.33 GHz.

5.5.1.1. Approximation and Synthesis

Approximation of the required filter response haerb carried out using the standard
technique for filters with generalized Chebyshesponse, discussed in details in section
3.2.4. The filter specifications yield the followgrexpressions for the S-parameters of the

lowpass prototype:

_F(s) __Fs) ]
Su(s) ) Suls)=- ) (5.5-1)
P(s)=s- j101413 (5.5-2)
F(s)=s’- j0.0495%* + 0.7494 - j0.0247 (5.5-3)

£ [E(s) = 5.1389((s’ + (21114~ j0.0499s? + (2.9788- j0.1513s+

. (5.5-4)
+ (1.9597- j0.2349)
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Figure 5-32: Coupling scheme of 4-8rder extracted pole filter with a single

transmission zero.

Equivalent circuit synthesis procedure and extoactf values of admittance inverters and
frequency invariant susceptances have been madg the direct synthesis technique for
inline filters with non-resonating nodes preserntedb-29], which results in the coupling

scheme presented in Figure 5-32 with values of dineuit elements arranged in the

following coupling matrix:

0 Jggb 0 0 0 O
J, B J, 0O 0 0O
o ‘JlN BN ‘]NZ ‘]NS O —
o o J, B, 0 0
0 0 Jys O By Jy
|0 0 0 0 J, O]
0 1.0275 0 0 0 0 |
1.0275 -0.0697 1 0 0 0
0 1 -109481 10441 1 0
= (5.5-5)
0 0 10441 -101413 0 0
0 0 1 0 -0.0697 1.0275
0 0 0 0 1.0275 0 |

Thereafter, GCC to be realized can be calculatea fiormula (5.3-4), (5.3-6) and (5.5-5).
Computed values of the GCC a@sxs= Qext. = 26.33,k%, = ki, = —0.091,k>, = -0.1.
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Note that calculation of the GCC between NRN amsdmators has been carried out without

applying the fractional bandwid&#BW for simplicity.

5.5.1.2. Implementation

The filter has been implemented using two hollowpl&ae resonators and an EPS with
embedded SIR (see section 5.4.4). Configurationneért, placed in the E-plane of
rectangular waveguide in order to obtain the reglizoupling scheme is shown in Figure
5-33.

L

W Ly W L W

septS resl sept12 sept23 res3 septL

Figure 5-33: Configuration of the E-plane insertifaplementation of the'%order filter

with single transmission zero.

Determination of geometrical measurements of theerinis carried out by plotting
dependencies of the required GCC, extracted frdhwfave simulations, on dimensions of
insert's elements. Alternatively, the lengths oplane resonators and input/output septa
can also be calculated using the standard apprdaskribed in [5-30]. Firstly, the
resonator in EPS is designed by adjusting the widthd lengths of shorted and open
sections of SIR, so the transmission zero is |lacatethe required frequency. Then, the

NRN'’s length is adjusted until the required valdekq, is reached. The value &€, is

extracted from simulation results using expresg8-11). The resultant plots for this step
of the design procedure are not shown in this sediecause these are similar to the results
of EPS’ investigation made in section 5.4. It muststressed that extraction of all the GCC
here and below (except generalized extef@dhctor) should be performed under weak

external coupling condition.
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Next, the width of coupling septa between EPS aipliaBe resonators must be found. For

this purpose, the pair of interacting componentsbieen simulated with different values of
the coupling septum. GC®., has been extracted from the obtained frequengorees
using formula (5.3-23). The dependence of the etathk’, on the width of the septum
Wsept12iS presented in Figure 5-34. From this plot, aigabfWsepria Which corresponds to

the required value ok, =—0.091, should be determined.
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Width of septum W, ;,, mm

Figure 5-34: Dependence of extracte on septum widtWsept12

After the initial dimensions of the E-plane insare found, the entire filter structure
undergoes the optimization procedure in a full-walestromagnetic simulator (see Section
3.5.2 about optimization). The optimization of thiker under consideration has been

carried out in Ansoft HFSS™ using quasi-Newton prhae.

5.5.1.3. Experimental Verification

The designed filter structure has been realizestandard E-plane waveguide technology.
All-metal E-plane insert with the optimized dimemss, summarized in Table 5-2, has been
cut out of copper foild = 5.8x10" Sm/m) with the thickness d = 0.1 mm, and placed
between two halves of rectangular waveguide hous{(W§G-90, cross-section:
22.86x10.16 mm) made of brass.
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Parameter Value, mm
L1 1.0
Lo 3.4
Wy 1.0
W, 4.8
Wsepts \NseptL 2.0
Wseptlz \Nsept23 7.0
Lrests Lress 15.85
Lnrre 8.7
Liotal 58.4

Table 5-2: Dimensions of E-plane insert for theigiesd filter (see Figure 5-33).

In order to validate the design procedure, the passl filter has been fabricated and tested.

S-parameters of the filter, measured with an AgiEE8361A vector network analyzer, are

shown in Figure 5-35 together with the simulatiesults for the purpose of comparison.

The measured curves show insertion loss of 1.6ati8, exhibit overall good agreement

with the simulated ones, taking into account thenmfiacturing tolerances and fabrication

errors. Photograph of the fabricated insert andegaide housing is shown in Figure 5-36.

S-parameters, dB

-80

Measured
Simulated

8 9
E

10 11
requency, GHz

12 13

Figure 5-35: Simulated and experimental frequeesponses of the fabricated-8rder

filter with single transmission zero.
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Figure 5-36: Photograph of the fabricated insedt\waveguide housing.

In order to demonstrate the filter size reductichi@aved by the proposed extracted pole
filter, comparison with an equivalent filter comtaig only conventional E-plane resonators
with the same filter order, passband and ripplaasle. The total length of the conventional
E-plane filter and proposed filter are 66.4 mm &84 mm respectively. Therefore, size

reduction of more than 12% is achieved by emplogisingle EPS.
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5.5.2. M4-wavelength Resonators Based®order Filter with Three Transmission

Zeros in Upper Stopband

In order to demonstrate how inline extracted pdter§ can be designed by extraction of
GCC between individual EPS, a third-order bandhi#ies with three transmission zeros is
synthesized and implemented as an E-plane insdhinwa conventional rectangular

waveguide. The filter specifications are definedadi®ws:

» center frequency: 9.45 GHz;

e ripple passband: 9.3 — 9.6 GHz;

e return loss: 20 dB;

» transmission zeros: 10.6 GHz, 11.6 GHz, 12.7 GHz.

5.5.2.1. Approximation and Synthesis
The generalized Chebyshev approximation techniqueiesd to the filter specifications

leads to the following characteristic polynomials:

P(s)=s° - j391s* - 477s+ 17817 (5.5-6)
F(s)=s’-j0.1342° +0.7427%- j0.0667 (5.5-7)

£ [E(s)=711.23(s’ + (2358- 0.1343s” + (3.5202- j0.4979s+ (5.5.8)
+(2.3661- j0.8255)

Extraction of admittance inverters’ and frequenayariant susceptances’ values from the
derived characteristic polynomials, using the disgmthesis procedure for inline extracted
pole filters with NRN [5-29], leads to the equivatenetwork presented in Figure 5-37 with
the following values of the denoted elemehy; = 1, Byy = —11.15,J; = 11.981,B; = —
13.005,J;2=1,Bne2 =—-7.988J, = 7.535B, = —7.251J,3 = 1,Bn3 = —16.168,); = 17.425,

Bs; = —18.894,J3. = 1.0. Corresponding GCC to be physically realizad be calculated
from the prototype values by applying formula (8)3{5.3-5) and (5.3-7). The values of
the GCC (which have the same indices as the camelapg J-inverters) and external Q-
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factors have been calculated from the synthesidtseas followsQexis= —11.15Qexi. = —

16.168,k> = —12.873k? = —7.83,k? = -16.07 k%, = 0.0112,k% = 0.0077.

s+jB, s+|B, s+]B,

J; J J;

J J J J
Source ( — 22— ) Load

G=1 Bus 1By2 IBys G=1

& Nonresonating Node
@ Resonator
Figure 5-37: Coupling scheme of '4-8rder extracted pole filter with three transnussi

Zeros.

5.5.2.2. Implementation
3%order filter with three transmission zeros in uppwpband has been implemented by
three direct coupled EPS with embeddéd-wavelength resonators discussed in section

5.4.3. Configuration of the corresponding E-plamert is presented in Figure 5-38.

LseptS Lkt LseptlZ Lnrnz Lsept23 Lnrna

Figure 5-38: Configuration of the E-plane insertifaplementation of the'3order filter

with three transmission zeros in upper stopband.

Determining the dimensions of each EPS and sepfonsible for internal and external
couplings is similar to the procedure used foefilimplementation in the previous section.
GCC within EPS or between adjacent EPS are exttagdeng expressions (5.3-10), (5.3-

11), (5.3-13) and (5.3-20) from their simulatedyfrency responses as functions of certain
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geometrical parameters. GCC extraction is carried according to the following
procedure. First, dependence of the position afstrassion zero versus the resonator’s
height is examined for single symmetric EPS withiteary septa and length of NRN. Then,
H.esi are fixed for all three sections, ahggrni are adjusted until the projected coupling
coefficient k% is reached. After this, extern&@-factors are adjusted for input/output
sections by changing lengths of input/output septaally, coupling coefficients between
adjacent sections are examined for the correspgncuplings by changing lengths of
septa between them. Results of extraction for dstgthed filter are shown in Figure 5-39.
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Figure 5-39: Extracted GCC as functions of insertathsions (see Figure 5-38):

(@) Bi vs.Hresi; (D) k12 vS. Lnrni (C) k,Jz VS. Lsepti (d) QextVs. Lseptsandl-septl_-

From the dependencies plotted as a result of éxdradhe initial dimensions of the filter
have been obtained. Filter with initial dimensidras been then optimized with respect to
the manufacturing tolerances by means of the falav simulator CST Microwave

Studio™. From comparison of initial and optimizeondnsions of the designed filter,
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presented in Table 5-3, it is evident that the glegirocedure based upon the proposed

extraction of GCC provides good initial approxinoatiof dimensions of the E-plane insert.

Parameters Initial Optimized
Lsepts 1.3 1.5
Lsepn2 5.9 5.5
Lsep23 6.4 52
LsepiL 1.7 1.0
Lnrn 7.4 7.8
Lnrne 5.8 5.9
Lnrns 9.8 10
Hres 5.8 5.9
Hew 6.4 6.4
Hress 5.3 5.3

Lresi 1 =1..3 2.0 2.0
Ltotal 38.3 36.9

Table 5-3: Dimensions of E-plane insert for theigiesd filter (see Figure 4-39).

5.5.2.3. Experimental Verification

In order to validate the analysis and confirm th&oduced design approach, the filter
structure has been realized using standard E-plaveguide technology. The insert of the
shape shown in Figure 5-38 has been cut out ofa@ofipl (c = 5.8<10° Sm/m) with
thickness ofT = 0.1 mm and placed between two halves of bragsmgular waveguide
housing (WG-90, cross-section: 22:88.16 mmn).

S-parameters of the filter have been measured uAgitent E8361A vector network
analyzer. Figure 5-40 shows simulated and measesgbnses of the fabricated filter. The
computed response reveals all three reflection #mde transmission zeros, while
experimental curve does not depict one of the poliess also clear that all three
transmission zeros observed are close to thateofréguencies expected. The measured
insertion loss at centre frequency is 1.2 dB. Redueturn loss of greater than 20 dB at
the passband has been successfully achieved. Oagraement between computed and
experimental responses is very good taking intoatcpotential fabrication tolerances and

measurement errors. Photograph of the fabricatedtste is shown in Figure 5-41.
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Figure 5-40: Simulated and experimental responttedabricated 8-order filter with

three transmission zeros in upper stopband.

Figure 5-41: Photograph of the fabricated filtesert and half of the waveguide housing.

186



5.5.3. Filters with S-shaped Resonators and SRR
In this section, feasibility of the EPS with embeddS-shaped resonators and SRR is
proven by fabrication of the correspondirify@der filters with three transmission zeros in
upper stopband. Detailed implementation procedsimeot provided in this section, as this

entirely coincides with the one used in Sectionk.5

5.5.3.1. 3%order Filter with Three Transmission Zeros UsingFS with S-shaped
Resonators

Lsepu Lnrnt Lseptz Lnrnz Lsept3 Lnrns Lsept4

N

LSl LSZ LSB

T
i

T
8

T
4

|
I
I
L I
NI T T~

L

total

Figure 5-42: Configuration of E-plane filter withree S-shaped resonators.

Configuration of the designed“®rder extracted pole bandpass filter with S-shaped
resonators is presented in Figure 5-42. The filess been designed to meet the following

specifications:

» center frequency: 9.45 GHz;

* ripple passband: 9.25 — 9.65 GHz;

e return loss: 22 dB;

e transmission zeros: 10.5 GHz, 11.35 GHz, 11.65 GHz.

The lowpass prototype of the filter has been oletipy direct synthesis technique, and the

resultant coupling scheme is shown in Figure 5F8@totype elements in this network have
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the foIIowing valuesdgl =1,By1=-4.117J, = 4.533B; =-4.988J1o = 1,By> = —-9.471,
J,=9.074B,=-8.705J,3=1,B\3=-8.318,J3=9.137 B3 = -9.961 ,J3 = 1.

The filter has been implemented using three EPB ®ishaped resonators and four septa,
arranged as an E-plane metallo-dielectric insdré dielectric block etched on its top side
with the pattern has been placed in the E-plarstasfdard rectangular waveguide, between
two halves of its housing. Dimensions of the metdiklectric insert, which have been

found by extraction of GCC and optimization, aregented in Table 5-4.

Parameters| Values, mm
Lseptt 1.0
Lsepe 4.6
Lseps 4.8
Lsept4 1.0
LnrnL 8.4
Lnrne 7.0
I—NRI\B 96

Hs 5.9
He 6.4
Hs 55

Ls, i=1..3 3.0

Ltotal 36.4

Table 5-4: Dimensions of the designed filter whihee S-shaped resonators
(see Figure 5-42).

For experimental validation of the proposed strigtthe metallo-dielectric insert has been
fabricated using the standard PCB process (Rogersid RT/5880™ substrate with
relative permittivitye, = 2.2, tad = 0.0009 and thicknesk,,, = 0.8 mm has been used;
metallization thickness Fmea = 0.017 mm) and mounted inside a brass housinipeof
standard rectangular waveguide WG-90 (22.86xttth16 mm). Frequency response of the
fabricated filter has been measured using the AgileNA (E8361A) vector network
analyzer. Corresponding measured insertion andré&tases along with the simulated ones
are shown in Figure 5-43. It is evident from thgufe that measured results demonstrate a

good agreement with the results of simulation. Haveit is evident that one of the poles
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is slightly shifted towards higher frequencies.td¢ same time, the first transmission zero
is also slightly shifted from the predicted locatioThese shifts can be explained by a
fabrication error in the area where the seconddpesth resonator is located, which would

have resulted in an alteration of the S-shapedst¢eds resonant frequency.

Photograph of the cross-section of waveguide hgusiith the metallo-dielectric insert
containing the pattern for implementation of th&-cdder filter with three S-shaped
resonators is shown in Figure 5-44.
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Figure 5-43: Simulated and measured S-parametehe &-order filter with

S-shaped resonators.

Figure 5-44: Half of waveguide housing with metalielectric insert fabricated for the

filter with S-shaped resonators.
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5.5.3.2. 3%order Filter Using EPS with S-shaped ResonatorsiaBRR
In order to show feasibility of EPS with SRRs, &@der extracted pole filter with S-

shaped resonators and SRR has been designed ttheéaltowing specifications:

» center frequency: 9.45 GHz;
* ripple passband: 9.25 — 9.65 GHz;
e return loss: 20 dB;

¢ transmission zeros: 10.5 GHz, 11.2 GHz, 11.8 GHz.

Approximation and synthesis procedures result lovwgpass prototype with the coupling
scheme shown in Figure 5-37 with the following edatnvaluesds; = 1,Bn; = —3.79,J1 =
4.344,B, = -4.988J1, = 1,By, =—-8.551J, = 8.297,B, = -8.066 J,3 = 1,Bnz = —8.104 J3
=9.29,B; = -10.58J3. = 1. The filter has been implemented in E-plaméntelogy using a
metallo-dielectric insert with two EPS with S-shdpesonators and a single EPS with
SRR. Configuration of the E-plane insert for reatiian of the $-order filter is presented in
Figure 5-45. The EPS with SRR is arranged betwbhenEPS with S-shaped resonators;
however, generally an arbitrary sequence can bsecho

septl I-NRNl LseplZ LNRNZ Lsept3 I-NRN3 Lsept4

L
L SRRy P

N G - — — . _ _ _ - — L
\ l _\_\J\

Figure 5-45: Configuration of the E-plane filtertiviwo S-shaped resonators and an SRR.

Dimensions of the metallo-dielectric insert, ob&nby extraction of GCC between EPS

and refined by further optimization, are presemnte@iable 5-5.
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Parameters| Values, mm
Lsepts 1.0
LsepQ 4.5
Lseps 4.2
Lsept4 1.0
LNRNl 96
Lnrre 7.0
Lnrne 8.4

Hs 55
Hs 5.9

Ls,i=1,3 3.0
Hsrr 7.6
LSRR 52

g 0.6
I-total 38.6

Table 5-5: Dimensions of the designed filter witlotS-shaped resonators
and an SRR (see Figure 5-45).

The metallo-dielectric insert has been fabricatsidgithe same procedure as mentioned in
the previous section. The frequency response offdbdcated filter, measured by the
Agilent PNA (E8361A) vector network analyzer is simoin Figure 5-46, along with the
corresponding simulated response. Measurementsedeinonstrate good agreement with
the results of simulation, taking into account #hift of a pole and the first transmission
zero to a higher frequency. The origin of this slefsuspected to be in fabrication errors
occurred in the middle EPS containing the SRR, icvery sensitive to manufacturing
tolerances. The pole available at 10.5 — 10.8 Gidguency range is referred to the
spurious resonance of the EPS with embedded SRRséstion 5.4.6).

Photograph of the metallo-dielectric insert wittchetd EPS and septa, fabricated for

implementation of the "3order filter with S-shaped resonators and SRR @laded in a

channel within a half of the waveguide housingieven in Figure 5-47.
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Figure 5-46: Measured and simulated S-parameteted-order filter with

S-shaped resonators and SRR.
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Figure 5-47: Metallo-dielectric insert with S-shdpesonators and SRR embedded in a

half of the waveguide housing.
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5.5.4. 4"-order Filter with a Dual-Mode EPS and a Transmissdn Zero in Lower
Stopband
In section 5.2 it has been mentioned that EPS aalte of generating a transmission zero
not only in upper stopband, but in lower as wall. dection 5.4.6 it has been shown
theoretically that a real EPS reveals at least poles and a transmission zero, which is
always located between them. Expressions (5.2-d)(ar2-5) suggest that to generate a
transmission zero in lower stopband, it is necgss$arrealize an NRN with positive
frequency invariant susceptanBg instead of the negativBy used for upper stopband
transmission zeros in the previous filter desigaregles. In this section a development of
an EPS with a transmission zero in the lower stogbeompatible with E-plane insert
technology is considered. A filter with transmigsiaeros in both lower and upper

stopbands is designed based on the developed EPS.

5.5.4.1. Dual-Mode EPS with Transmission Zero in Lower Stcogofd

A strongly detuned standard E-plane resonator, twhitted as an NRN in the previously
reported designs, has negative susceptance atefreigs lower than self-resonant
frequency and, on the other hand, positive susneptat frequencies higher than self-
resonant frequency. This suggests that it is nacg$s increase the length of the NRN in
order to obtain much lower resonant frequency #melefore, a positive value &y. An
embedded resonator in EPS, which determines th&grosf a transmission zero, retains

the same configuration as in ordinary EPS.

Let us examine a frequency response of an EPSenitbedded/4-wavelength resonator,
which has an enlarged NRN in order to obtain th&elostopband transmission zero.
General configuration of this type of EPS is présérin Figure 5-20. Corresponding S-
parameters of the EPS, simulated in CST Microwauei8™ are shown in Figure 5-48. It

is evident from the frequency response of the EREleside the pair of pole and zero, an
additional pole has appeared in the frequency ramgier consideration. Simulated field
distribution at the pole frequencies suggeststtimadditional resonance corresponds to the
second-order resonance (quasirbtEnode) of the E-plane resonator used as NRN. The

second pole is the one produced by the EPS. Géndrad transmission zero still appears
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between two poles generated by the EPS as it has jeviously predicted in section
5.4.6.2 (see eq. (5.4-13)). The lower-mode poledated at a very low frequency and is
not shown in Figure 5-48.

S-parameters, dB
IN
o
|

_60 — — IS4l

21l

Frequency, GHz
Figure 5-48: Simulated frequency response of an\EfSembedded

M4-wavelength resonator, generating a transmis@on in lower stopband.

It has been found that positions of the poles caradjusted by changing the width of
embedded/4-wavelength resonatd¥.s and the length of the NRNwgn Investigation of
this property is illustrated in Figure 5-49.

Variation of theW,s causes alteration of position of one of the polesich becomes
shifted by the same frequency as the transmisstoo see Figure 5-49a). At the same
time, the other pole, which corresponds to the NR®&EIf-resonance, retains its position.
This effect can be explained by shifting of resdnfiaquency of thel/4-wavelength
resonator due to alteration of its internal indncgand capacitance.

From Figure 5-49b it is evident that with variatiohLngn the transmission zero undergoes
slight shifting due to alteration of capacitancén®e=n both septa and the resonator. At the
same time, increasirgyrnleads to reduction of distance between the tresson zero and
poles, as well as distance between the poles. Gadwantage of the considered effects, a
real EPS can be tuned in order to achieve theatbperformance.
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(b)
Figure 5-49: Adjustment of positions of poles artbzin EPS by changing geometrical
dimensions of its elements: (a) effect of chandvg (Lnen= 25 mMm,Les = 7 mm);

(b) effect of changininry (Wres = 4 mm,Lies = 7 mm).
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The EPS which exhibits two very closely locatedegohnd a transmission zero in lower
stopband can be defined as a dual-mode EPS. Tadse has the properties of a standard
EPS connected in cascade with a resonator. Therataran be modelled using a lowpass
prototype network with a coupling scheme preseirtééigure 5-50.
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Figure 5-50: Coupling scheme of a dual-mode EPS.

Analysis of the dual-mode EPS is a complex probksnthe structure generates two
resonating modes which can not be separated. TQSE, can not be extracted using the
technique given in section 5.3, because it is gdlyampossible to distinguish the origin of
two poles generated by the circuit. However, anslgad design of dual-mode EPS can be
effectively carried out by optimization. Examplesafch an approach has been reported in
[5-11].

5.5.4.2. Filter with Dual-Mode EPS. Approximation and Syntlseés
A 4"™-order inline extracted pole bandpass filter wittiamsmission zero in lower stopband
has been designed and implemented in E-plane tedynom order to demonstrate the use

of dual-mode EPS. Specifications of the filter gineen as follows:

» center frequency: 11 GHz;

* ripple passband: 10.75 — 11.25 GHz;

e return loss: 18 dB;

e transmission zeros: 10.3 GHz, 11.7 GHz, 12 GHz.

Characteristic polynomialB(s) andF(s) of the filter have been derived using generalized
Chebyshev approximation. When the root$=(d) have been found, these can be used for
coupling matrix synthesis by optimization (see Bect3.3.3.5) as well as the known
transmission zeros (roots B(s)). The gradient-based optimization procedure appio the
polynomials leads to obtaining the lowpass protetgguivalent network shown in Figure
5-51. Elements of the prototype have the followuadpes:Js; = 1.0,Bng = —2.064, Iy =
2.599,B; = -2.895J;, = 1.0,By2= 3.131,0\, = 2.657,J,3 = 0.827,B, = 2.716,B3 = 0.243,
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J34 = 0.884,Bng = —3.324,Jn = 3.558,B4 = —3.833,J4. = 1.0. Therefore, corresponding
GCC can be calculated @3:xs= —2.064,Qex = —3.3244 k> = —3.272,k> = 2.255,k? =

~3.809,k2 = —0.155,k% = 0.218,k% =—0.235.

s+jB, s+jB, s +jB,
® o
‘]Nl ‘]N2 JN4
‘]Sl ‘]12 ‘]23 ‘]34 ‘]4L
Source Q @ @ . @ Q Load
G=1 B By, s*iB; By G=1

Figure 5-51: Coupling scheme of th&-drder extracted pole filter with dual-mode EPS.

5.5.4.3. Filter with Dual-Mode EPS. Implementation

The filter has been implemented by three directptedi EPS with embedded/4-
wavelength resonators. Two of these sections areectional EPS with negativg,, used
for implementation of the filter in Section 5.5&ach producing a transmission zero in
upper stopband. The remaining section is the dwalenEPS, responsible for the
transmission zero in lower stopband. Configuratdrthe E-plane insert for this filter is
presented in Figure 5-52.

Dimensions of both single-mode EPS and input/outpepta have been obtained by
extraction of the corresponding GCC from simulateequency responses of each
individual EPS. Plots used for extraction are riwven here in order to save space, as the
GCC’ extraction procedure has been explained iaildein Section 5.5.2. Initial length of
the embedded resonator in dual-mode EPS has bdamexb by tuningH,ee until the
required position of transmission zero is reacldwe remaining dimensions of the insert
have been found by gradient optimization carrietl with respect to the manufacturing
tolerances in full-wave simulator CST Microwave @M. The dimensions of the insert

obtained as a result of optimization process anensarized in Table 5-6.
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Figure 5-52: Configuration of E-plane insert fompilementation of theorder filter with

Parameter Value Parameter Value
Lsepts 0.7 Hrest 4.5
Lsept2 7.3 Hieo 6.3
Lsepp3 7.5 Hies 4.3
LseptL 0.5 WresL Wes3 1.5
LnrA 3.9 Wes2 2.5
Lnrne 25.6 Huwg 10.16
Lnrne 4.8 Liotal 50.3

Table 5-6: Dimensions of the designed filter wittaimode EPS (see Figure 4-52).

5.5.4.4. Filter with Dual-Mode EPS. Experimental Verificatio

Feasibility of the dual-mode EPS and adequacy ef gloposed approach have been
verified experimentally. For this purpose the pattpresented in Figure 5-52 has been
etched on the top side of a rectangular pieceasfdstrd PCB (Rogers Duroid RT/5880™

substrate with relative permittivityy = 2.2, taad = 0.0009 and thicknesEy, = 0.8 mm;
metallization thickness Fmetas = 0.017 mm), while the bottom side of the substias

been completely cleaned of metallization. The testilmetallo-dielectric insert has been

placed in a channel within the E-plane of a stathdectangular waveguide (WG-90; cross-

section: 22.8610.16 mm), between two separate halves of a brass houBimgograph of

the fabricated structure is shown in Figure 5-53.
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Figure 5-53: Photograph of the fabricated filtesert placed within a channel in a half of

the waveguide housing

S-parameters of the filter have been measured ubmd\gilent EB361A vector network
analyzer. Comparison of simulated and measuredonsgs of the fabricated filter is

presented in Figure 5-54.

The measured curves clearly display all three tré¢son zeros, however two zeros and
two poles of four are shifted from the predictedipons due to high sensitivity of resonant
frequencies of/4-wavelength resonators to fabrication toleran@&& measured insertion
loss at centre frequency is 2.05 dB. Requiredrmelass in the passband of better than 18
dB is successfully achieved. Overall agreemenbofiputed and experimental responses is

satisfactory taking into account fabrication toferes.

The second band of the filter is primarily deteredrby the cutoff frequency of the second
propagation mode Tk of the waveguide which appears at about 13 GHth®waveguide
WG-90 with the dielectric insert. It is clear tliae second band is located too close to the
passband of the filter. However the choice of titterfs centre frequency which strictly
determines the total length of the filter was limdlitby the available housing with the special

channel for convenient arrangement of the dieleatsert. Use of a longer housing and/or

199



use of all-metal inserts will improve the stopbgaiformance of the filter, as well as allow
lowering the centre frequency of the filter. It slbbe noted that influence of fabrication
tolerances should be less for filters designeddieer centre frequency.

S04, 1Sz, dB
A
o

] ‘, - simulation
] i — = S,, - simulation

—— !S,, - measurement

—— !S,, - measurement

7 8 9 10 11 12 13 14 15
Frequency, GHz

Figure 5-54: Simulated and experimental responstedabricated %-order filter with
dual-mode EPS.
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5.6. Summary

In this chapter the problem related to extractel@ fitiers design using E-plane inserts in

rectangular waveguides has been thoroughly disdusse

In section 5.2 extracted pole sections have bewoduced as modules which constitute
inline extracted pole filters. Equivalent lowpasetptype and main properties of frequency

responses of the EPS have been demonstrated.

Generalized coupling coefficients have been intceduin section 5.3 as a convenient tool
for representation and design of filters with NREpressions for extraction of GCC from
simulated or measured frequency responses of sE® EPS interacting with another

EPS or resonator have been derived analyticallyh@first time.

In section 5.4 several EPS with embedded resonhtns been studied. Effects caused to
frequency responses of EPS by varying of geométdcaensions of its elements have
been investigated using electromagnetic simulatitifsas been found that position of the
transmission zero may vary in a wide range whiclkewat possible to improve stopband
performance of the filters drastically. Analysistoé EPS’ performance has shown tQat
factor of the EPS with embedded resonators dropsidie than 60% in comparison with

hollow E-plane resonators, while total elementrgglh is reduced by more than 40%.

In section 5.5 a set of inline extracted pole fdtevith EPS has been designed using the
novel GCC extraction technique and fabricated. ds bbeen found that this technique
provides good initial values for CAD optimizatior the filter structures. Experimental
verification has shown excellent agreement for fiher with all-metal insert, while the
filters with metallo-dielectric inserts have su#drfrom errors due to high sensitivity of the
structures to fabrication tolerances. Additionally,novel dual-mode EPS capable of
generating a transmission zero in lower stopbansl I@en achieved as a result of
theoretical investigation. The results confirm flieposed ideas and prove adequacy of the

EPS model and the filter design approach usingitivel GCC extraction technique.
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CHAPTER 6

SUBSTRATEINTEGRATED WAVEGUIDE FILTER

STRUCTURES

6.1. Introduction

Active development of modern telecommunication tedtbgies has created colossal
demand for compact, inexpensive and high-performabandpass filters with good
selectivity and low insertion loss. Recently depeld planar structures — substrate
integrated waveguides (SIW), able to meet pregemtifications, have been proposed as a
replacement of conventional rectangular wavegumbgh are expensive, difficult to
fabricate and integrate [6-1]. SIW resonators h&@esome attractive for design of
microwave filters using cross-coupled topologiethweiliptic and pseudo-elliptic responses
[6-2], which have found wide application in micromsand mm-wave systems lately due to

their ability to produce transmission zeros at fted frequencies and create sharp slopes.

Methods of miniaturization of SIW resonators haweeib thoroughly examined recently.
Several techniques of size reduction for resonandsfilters have been proposed: use of
EBG-substrate structures [6-3]; ridged SIW resasatf6-4]; folded SIW (FSIW)
resonators which occupy only half an area of edentaSIW resonators [6-5]. Filter based
on quarter-wavelength SIW cavities have been dedigm [6-6], and another approach to
miniaturization by folding has been developed anestigated in [6-7, 6-8].

In chapters 4 and 5 it has been shown that corordtiwaveguide filters can be
miniaturized by employing modular filter design aedtracted pole technique, taking
advantage of using combinations of stripline resansa and rectangular waveguide
transmission line. Historically, evolution of SIWtriectures has been driven by

achievements made in research of conventional mgotar waveguides. Therefore,
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application of the methods previously proposedhis thesis to SIW technology may lead
to development of new planar filters retaining thdvantages of their conventional

waveguide analogues.

In this chapter, attention will be paid to desigmuoniaturized SIW cross-coupled filters. In
section 6.2 FSIW resonators are introduced; a riewtsre for implementation of negative
coupling between FSIW resonators is proposed. Hsigd example of a™order cross-
coupled filter based on half- and quarter-wavelerifIW resonators is presented. Section
6.3 focuses on design of modular SIW filters. Iis thection, singlet and doublet modules
with A/4-wavelength stripline resonators are proposedrdatization in multilayer SIW
technology. Modular filter with NRN, which has tleregansmission zeros in both stopbands
is designed. Finally, in section 6.4, an extragield section for multilayer SIW technology
is introduced. Design example of inline extractetedilter with NRN using the substrate

integrated EPS is presented.
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6.2. Design of Cross-Coupled SIW Filters

6.2.1. SIW Cavity Resonators

ifres
-30 L I L B B |

30 35 40 45 50
Frequency, GHz

Figure 6-1: Configuration of a SIW cavity resonadod its frequency response.

Waveguide cavity resonators are usually organizedaa/2-wavelength section of a
transmission line limited by conductive walls wisfots for the purpose of excitation.
Figure 6-1 shows a general configuration afzawavelength SIW cavity resonator. If SIW
is used as a basic transmission line, the conauetalls of the resonator are formed by via
holes connecting top and bottom ground planes. Bfolkee excitation slot is performed by
a gap in the wall, between vias. Side walls of $fi&/ can be realized within its substrate,
either as an array of metallized posts, metalligexbves, or paste side walls. Feeding of
the structure is realized by means of microstriputs; microstrip-to-SIW transition is
organized using tapers [6-1, 6-9] which providezetive modal energy conversion from

TEjp mode in waveguide to TEM propagating in microsking, and vice versa.

Resonant wavelengthes of SIW resonators is related to their length through the following
equation:
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A
Lres == Ares (62-1)
2 A
2001- res
Ei/ (zw\/eﬁ]

whereWgt is given by (2.3-3). Hence, the resonant frequennybeaderived as

CyW5 + L2
flog =Lt (6.2-2)

res M L

eff —res

6.2.1.1. 2/2-wavelength Folded SIW Resonator

In [6-10] Grigoropoulos and Young introduced a cpic of new folded substrate-
integrated waveguides (FSIW). Further research hadieated that, when the width of
FSIW is nearly half of width of original unfolded\8, and its E-plane gap width is nearly
the height of the SIW, the FSIW reveals nearly #@ne propagation and cutoff
characteristics of the SIW structure. In this wal,is possible to design novel
RF/microwave circuits using this new platform. Coeigensive theoretical investigation
and experimental verification of FSIW can be foum¢b-11].

Consider a\/2-wavelength long section of SIW folded along ldagitudinal axis while
maintaining its standing waves. Having two layehr® obtained structure occupies only
half the area comparing to the conventional SIVémasor and is referred to as FSM2-
wavelength cavity resonator. Complete resonatotatas a guiding part with a longitudinal
slot made near the side wall which consists of isgvaetallic posts. Some via connectors
organize input and output apertures which are ottedeto input/output striplines. Typical
configuration of a SIFV/2-wavelength resonator is presented in Figure 6-2.
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Figure 6-3: Magnetic field distribution inx#2-wavelength FSIW resonator.

In Figure 6-3, distribution of magnetic field inethresonator at its resonant frequency is
presented. It is seen that magnetic field has agimum near the side walls. The field

structure forms a magnetic line which passes tgemenear the side walls on top layer
clockwise, goes through the slot near the resoisatoput, than passes the bottom side
walls region anticlockwise returning to the topdayhrough the slot near the resonator’s

output.
FSIW resonator occupies half an area of a SIW @sorbut requires stacking of two

layers of substrate. Due to unusual field distidnyt the FSIW resonators give new

opportunities in design of microwave and mm-waiterfs.
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6.2.1.2. A/4-wavelength Folded SIW Resonator

Figure 6-4: Configuration of @4-wavelength FSIW resonator.

DR B 2 U G
3

Figure 6-5: Field distribution in ®@4-wavelength FSIW resonator:

(a) electric field; (b) magnetic field.

New structure ofi/4-wavelength FSIW resonator can be obtained bgirigl the A/2-
wavelength FSIW resonator by 90° in the plane tstate. The new FSIW resonator has
been proposed in [6-12]. It has been recently shihahthe novel type of compact FSIW
resonators, stemming from the concept of foldirsgn@ing waves of a conventional b
mode SIW resonator, retains similar higfactor property of SIW resonator but has only a

quarter of its footprint.
Configuration of thei/4-wavelength FSIW resonator is presented in Figafe Complete
resonator contains a guiding part with L-shaped slade near the side walls realized as

metallized via-holes. Input/output striplines amsed for feeding of the resonator through
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input/output apertures in side walls. Distributioh electric and magnetic fields in the
resonator at its resonant frequency, simulatednsoft HFSS™, is presented in Figure 6-5.
Electric field is concentrated at the region ot slehile the magnetic field has its maximum
near side walls where electric field has its mimmuMagnetic line has the same topology
as the one for th&/2-wavelength FSIW resonator case; its form isodistl due to the
appropriate 90° folding. Direction of the line itockwise in top dielectric layer and

anticlockwise in bottom layer.

Comparison of main parameters of conventional SI wavelength and/4-wavelength
FSIW resonators, adjusted for the same resonaqudreyf..s of 10 GHz is presented in
Table 6-1. Calculation of unloadég-factor of the resonators has been performed using
formulae (5.4-6) and (5.4-7). It is evident fronettable that the/4-wavelength FSIW
resonator occupies the smallest area, whileMBewvavelength FSIW resonator has the

highest unloade®-factor.

Type of resonator
Parameter M2-wave M4-wave
Standard SIW ESIW ESIW
Width, mm 12 11.5 8.9
Length, mm 15 8.9 8.9
Area, mmi 180 102.4 79.2
UnloadedQ-factor 255.2 389.4 356.1

Table 6-1: Comparison of SIW resonators based on

full-wave EM simulation results (Ansoft HFSS™).
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6.2.2. Coupled FSIW Resonators
Some types of cross-coupled filters require pafrsesonators which have positive and
negative coupling coefficients. Several technigaes usually used for realization of the
specified coupling coefficients. The simplest oérthis coupling through irises in walls

between integrated cavities.

6.2.2.1. Positive Coupling Structure
To realize a positive coupling coefficient betwesvo folded resonators by means of
coupling iris, it is sufficient to design a conviemial pair of single-layer SIW resonators [6-

2] and fold them around their longitudinal axes.

Resonator 1 Resonator 2

\ /

O\OOOOO/@

o ¥ v e
@

@ ® @
o @ % @ @
I d' ti
nductive
Input iris Output

Figure 6-6: Configuration of coupled4-wavelength FSIW resonators (top view).

In case of direct coupling, the gap in the middktatiization layer runs from one resonator
to another, while two halves of coupling iris fordnesing plated vias are located one upon
another in different layers. This principle is uded coupling ofA/4-wavelength FSIW
resonators, shown in Figure 6-6. Direct coupling ba also realized by the principle used
for design of conventional E-plane filters in rewalar waveguide [6-13], where a septum
placed in the E-plane acts as an inductive disgoityi. Taking into account that the E-
plane of a folded waveguide coincides with the gaghe middle layer, the coupling
septum can be easily applied. However, realizabibtow coupling coefficients requires

septa with significant widths. Nevertheless, narsepta can be used in combination with
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coupling irises to regulate values of coupling ficefnts. In case of side coupling, folding
does not affect the coupling iris and the couplggrovided by an inductive iris in regular

way.

6.2.2.2. Negative Coupling Structure

Electric coupling provides negative coupling cagéint and it can be realized with a slot or
gap at a region of a FSIW resonator, where maximofiralectric field and minimum of
magnetic field magnitudes appear. However, fordage of considered FSIW resonators,
maximum of electric field appears in the slot ameéat realization of the negative coupling
coefficient is possible only if slots of two adjateesonators are located by a common side
wall. Such configuration becomes inapplicable whieer's layout must be built so that the
slots are located by opposite side walls. To ovarthe issue, use of magnetic coupling
through a slot between top and bottom layers odcajt resonators is proposed in this

thesis instead of electric coupling.

It can be concluded from analysis made by Thom#&-i¥] that in two positively coupled

resonators fields oscillate in phase at low resbnade and have a shift of 180° at high
mode. In contrast, in a pair of negatively couplesbonators fields are out of phase at low
mode and not shifted at high mode. Consequentéywaves which have equal phases at
the inputs of negative and positive coupling stites will be out of phase at the outputs.
Thus, a negative coupling structure can be obtafr@u the positive one by reversing

polarity at the output. One of advantages of foldesbnators is that this effect can be
achieved by folding both SIW resonators anticlodenor clockwise (in the same direction)
which is equal to swapping top and bottom grourahe$ of the output resonator. This
procedure is also equivalent to swapping top arttbbolayers of the second resonator. It
should be emphasized that such approach is vali fon narrow-band circuits such as

coupled resonators.
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Figure 6-7: Folding process of a pair of resonators

coupled by inductive iris (a—d: cross-section; 8D view).
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Figure 6-8: Phase responses of positively and nedyatcoupled resonators.

Consider a pair of single-layer SIW resonators tpasy coupled by an iris in common
side wall (Figure 6-7a). To create a positively mled pair of double-layer FSIW
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resonators, it is necessary to fold up both reswsaaround their axes of symmetry
clockwise and anticlockwise (in opposite directipas it is shown in Figure 6-7b. 3-D
view of the positively coupled SIW resonators iswh in Figure 6-7e. Swapping of layers
of the second resonator can be performed by foldirtpckwise (in the same direction,
Figure 6-7c). Resultant structure consists of thagers; their number can be reduced by
shifting one of resonators up or down by thicknafssubstrate. Such procedure will cause
deformation of area where the coupling iris is teda so the iris becomes a slot in the
middle metallization layer (Figure 6-7d). It is exhely important that despite the
deformation of the iris area, all the waves andens keep their structures and the folding
condition [6-5] is satisfied. 3-D view of the neigaty coupled SIW resonators is shown in
Figure 6-7f. The structure has the properties pdiaof negatively coupled resonators. This
can be proven by comparison of phase responsesosifive and negative coupling
structures which have weak external couplings (f€di+8). Indeed, at the neighbourhood
of the resonant modes, phases gfée shifted by 180°, while phases ef @main equal.
Feasibility of the upside-down negative couplingusture in cross-coupled filter will be

proven in section 6.2.3 by a filter design example.
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6.2.3. Filter Design Example
4"-order bandpass filter with/2- andA/4-wavelength FSIW resonators has been designed
in order to demonstrate feasibility of the negatoapling structure introduced in the

previous section. The filter has been designedatisfy the following specifications:

» centre frequency: 10 GHz;
* ripple passband: 9.75 — 10.25 GHz;
e return loss: 30 dB;

e transmission zeros: 9.2 GHz and 10.8 GHz.

6.2.3.1. Coupling Matrix Synthesis

k k
Source @ = ’ =
I
'k14 | k23
(ond @
k4L k34
. Resonator

Figure 6-9: Coupling scheme of the proposed FSlvgsicoupled filter.

Synthesis of a cross-coupled filter with synchraipiuned resonators lies in derivation of
a coupling matrix for its lowpass prototype fromolam initial specifications. For pseudo-
elliptic filters, the matrix can be derived by apization using the procedure presented in
[6-15]. Coupling scheme chosen to realize the I@spaototype of the corresponding filter
(shown in Figure 6-9) with four poles and two transsion zeros at 3.2 leads to the
following generalized coupling matriM:
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S 1 2 3 4

0 1219 0 0 0
1219 0 1105 0 -0112

0 1105 0 0857 0

0 0 0857 O 1105 0

0 -0112 O 1105 0 1219

0 0 0 0 1219 0

o O o r

(6.2-3)

<
I
> wWNPE®

Program for calculation of the coupling matrix Hasen developed in MATLAB™ by

author.

Matrix M is then denormalized with respect to the requicedtre frequencyf, and
bandwidthAf to obtain coupling coefficientl; and external quality factd@ey using the

following formulae:

k, =—M, (6.2-4)

fO — fO

= = 6.2-5
A DMZ  Af M2 (62-9)

QEX'(

Therefore, the following design parameters canlitained for the filterk;, = kg4 = 0.055;
k23 = 0.043;k14 = —0-006;Qext = 13.46.

6.2.3.2. Implementation
When the coupling matrix is obtained, correspondebetween theoretical coupling

coefficients and dimensions of coupling slots amgks is to be established. This can be

done using plots of coupling coefficients agaims $lot/gap dimensions made for various
types of couplings between pairs of resonators/t bduring preliminary analysis.
Alternative method is calculation of correspondisipt/gap dimensions theoretically.

However, this approach usually leads to bulky daloons.
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To determine how coupling coefficients depend omatisions of the irises and slots,
coupled resonators have been simulated in EM fallavsimulator Ansoft HFSS™, and
frequency responses have been obtained. Then,daaim curve two peak frequencies have
been identified as low modg, and high modé.gn frequencies. Coupling coefficients can

be extracted using the modified expression (4.3-7):

k =+ fh?gh - f|ozw
T fhzigh + flcfw (62_6)

The filter contains three positive coupling struegiwhich produce the main path for signal
in combination with all four resonators. Among tlesonators, two between which negative
coupling is to be realized (1 and 4) have beenemts be\/2-wavelength for the reason of
simple organization of input and output transitionBe rest (2 and 3) have been chosen to
be quarter-wavelength due to their location athlibed of the structure. Top view of the

filter layout is given in Figure 6-10.
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Figure 6-10: Layout of the proposed FSIW cross-teaifilter (top view).
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Coefficientsk;, andkss can be obtained from analysis of couplé2 and\/4-wavelength
resonators. In this case, direct iris coupling withseptum is used and the coupling is
controlled by widthW;, of the iris. Curve obtained as a result of thialgsis is shown in
Figure 6-11.
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Figure 6-11: Coupling coefficientg, andks, against iris width,,.

Analysis of iris-coupled/4-wavelength resonators (depicted in Figure 6#@ga similar
curve for coupling coefficierit,s, which is shown in Figure 6-12. Here, coupling tcohis

realized by the iris of the widtW,3.
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Figure 6-12: Coupling coefficiekbs against iris width\os.

As it has been mentioned in section 6.2.2, thegseg negative coupling structure is also

based on magnetic coupling but in this case cogm@lament is a rectangular slot of length
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Lsiot between top layer part of resonator 1 and bottgrrlpart of resonator 4. Dependence

of coupling coefficienk;4 on Lgtis shown in Figure 6-13.
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Figure 6-13: Coupling coefficierksagainst slot lengthget.

It can be noticed from Figures 6-11, 6-12 and @hE3 the wider the coupling elements, the
stronger the couplings, and the larger the valueoopling coefficient. Such behaviour is
characteristic to magnetically coupled cavities:this case high-mode frequency drifts
slightly, while low-mode frequency moves signifitignwith variation of the coupling

value. In contrast, for electric coupling behaviafifow and high modes is opposite and

thus coupling coefficient decreases with widenihgaupling element, such as a capacitive

gap.

Variation of input iris widthW, is used in order to control the exterrggfactor. This
parameteiQex: can be extracted from the frequency response oblgdoaded resonator

using expression:

f Sl
Qext =—Af“’s o=, (6.2-7)
3dB

where Afzgg is a 3dB-bandwidth of the resonator. The resultdat of external quality

factor against the input iris widi, is presented in Figure 6-14.
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Figure 6-14: ExternaD-factor Qex against input iris width,.

6.2.3.3. Simulation and Experimental Results

The filter has been fabricated using two layersRolgers Duroid RT/5880™ substrate
(er = 2.2, tad = 0.0009; thicknes$ge; = 0.5 mm), where twa/2-wavelength and twa/4-
wavelength FSIW resonators have been organizediirggef the filter has been realized
by CPW input and output pads located on the toprlajjhese are connected to the middle
layer stripline using a metallic post. The striplis connected to the resonator 1; resonator
4 is connected to the output stripline respectiv@lyawing of the filter structure with
dimension markings is presented in Figure 6-10responding dimensions are collected in
Table 6-2; photograph of the fabricated filterh®wn in Figure 6-15.

Parameter Value, mm Parameter Value, mim
Lhw 10.9 W3 1.7
qu 2.5 leot 2.8
WWQ 2.5 \Ntotal 17
VVi 3.3 Ltotal 22
Wi 2.2 Tdiel 0.5

Table 6-2: Dimensions of the designed FSIW filterg Figure 6-10).
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Figure 6-15: Photograph of the fabricated FSIVefilt

Transmission characteristics of the designed arospled filter, simulated in Ansoft
HFSS™, are presented in Figure 6-16. The filteril@idhabout 0.95 dB insertion loss in
passband, and its return loss is better than red\d® dB. Spurious passband of the filter
appears at about 15 GHz, however it is suppresg@® lB. It can be noticed that an extra
transmission zero has been obtained in upper stopbt about 13.8 GHz. Theoretical
analysis shows that the transmission zero appemaube of very weak coupling available
between source and load. At the same time the sdoacl coupling creates another
transmission zero in lower stopband below 5 GHzciWwhtould not be caught by the
simulator. Increase of source-load coupling leaddrifting of the extra transmission zeros
closer to passband.

S-parameters, dB
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Figure 6-16: Simulated S-parameters of the FSIVEszmmupled filter.
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Figure 6-17: Measured S-parameters of the fabdcB&W cross-coupled filter.

Measured S-parameters of the filter are shown guréi 6-17. The experimental results
show poor agreement with the simulated; howeveablgpassband and good transmission
zeros generally prove the concept and particulagylicability of the negative coupling
structure. Measured insertion loss in passbantiasteb dB, return loss — 15 dB. The zero
at 10.8 GHz has drifted to about 12 GHz. Two trassion zeros at 7.3 GHz and 13.3 GHz
are the extra zeros generated by parasitic sonezk-toupling. The reason of the high
losses is bad quality of fabrication; analysis teé failure has shown that electric contact
between the vias and the middle metallization ldyget not been established properly. This
happened due to lack of practical experience attilaygér PCB fabrication and
unavailability of special equipment for this typkfabrication. It should be emphasized that
there were several attempts to fabricate thisrfik®wever all of them had shown much
poorer results than the presented one due to Uabiigy of electric contact between the
vias connecting the input/output pads and the reiddétallization layer. After obtaining
the poor experimental results it has been decidedaldiandon further experimental
verifications of the other circuits designed tobhet using the multilayer PCB process and
concentrate on the waveguide filters with E-plamgerts. It is expected that the proposed
filter can be fabricated using the multilayer PCBqess by experienced professionals or
using alternative fabrication techniques as spiitk waveguide housing with a horizontal
all-metal insert or LTCC. These techniques will &ateempted to prove feasibility of the
filter in the future work.
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6.3. Design of Modular SIW Filters

In this section, a modular solution for design ofialine pseudo-elliptic bandpass filter
with three transmission zeros using double-layéssate integrated waveguide (DLSIW)
will be proposed. New approach which involves $itig resonators arranged in common
wall of two stacked SIW is introduced. Singlet almiiblet structures based on the stripline
resonators are presented as basic units for modakagn of a filter with non-resonating

node.

6.3.1. SIW Filtering Modules
Singlets and doublets, the simplest filtering medutapable of generating and controlling
individual transmission zeros, can be implemenwdguSIW technologies. In this section,
DLSIW singlet and doublet structures will be intuocdd.

6.3.1.1. Singlet

Figure 6-18: Configuration of a hollow DLSIW.

Let us consider two conventional SIW arranged imalel, sharing top/bottom ground
plane. Such configuration has half the characteristpedance of the single layer SIW and
a wave can be easily excited by a stripline cormtedb the common wall of the
waveguides. It worth mentioning that having equalgnmitudes, electromagnetic fields in
top and bottom halves of the waveguide propagateobiphase as a result of mode

conversion from the TEM in the stripline to the gd@E o in both parallel SIW. The
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structure can be manufactured by stacking two tapérdielectric substrates. View of a
complete computer model of the DLSIW section wittipEine transitions and cylindrical

via connectors forming side metallic walls is prase in Figure 6-18.

Figure 6-19: Configuration of a DLSIW singlet

with ai/4-wavelength stripline resonator (top view).

Slots of arbitrary shapes cut out in the commonrattietplane of DLSIW provide coupling
between top and bottom waveguides. For exampla)Vr8sonator [6-5] can be considered
as a section of the DLSIW with a longitudinal congl slot which provides magnetic
coupling between two conventional cavity resonatorsated in top and bottom layers.
Slots of some particular dimensions and shapes haag resonant properties. Let us
consider a hairpin-shaped slot cut out in the n@ddetallic layer of the DLSIW, shown in
Figure 6-19. This slot createsa&t-wavelength stripline resonator, which interastth a
wave, propagating in the waveguide, providing seugsonator and resonator-load
couplings. Also the wave bypasses the resonata@éh a way forming direct source-load
coupling. Hence, the structure can be represergedsinglet which has been discussed in
section 4.2.1. Frequency response of singlets omntareflection zero and a transmission
zero placed in either upper or lower stopband deipgnon the sign of the product of three
coupling coefficients. In Figure 6-20, typical Srpameters of the DLSIW singlet are
presented. Position of the transmission zero camduified by moving the hairpin slot in
transversal direction: if open end of the resonatoves closer to the side wall, the source-

load coupling increases and the transmission zdfts dloser to the pole frequency.
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Figure 6-20: Typical S-parameters of a DLSIW sihgle

6.3.1.2. Doublet

® & @& ©

=

Figure 6-21: Configuration of a DLSIW doublet
with two AM/4-wavelength stripline resonators (top view).

Doublet configuration consists of tw4-wavelength stripline resonators which are formed
in the middle layer of a DLSIW using an S-shaped afranged in longitudinal direction
(see Figure 6-21). In the obtained structure soarat load interact with both resonators
and with each other, generating a bypass couplkigthe same time, two stripline
resonators are electrically coupled, which impliest this coupling can be considered as
negative. The structure acts as a doublet with asgtmcal frequency response, which has
been previously considered in section 4.2.2. Tydreguency response of a DLSIW with
two A/4-wavelength stripline resonators is presentedrigure 6-22. The doublet has an
asymmetrical frequency response with two reflectieros forming its passband, and two

transmission zeros in upper and lower stopbands.upiper transmission zero is observed
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much further from passband than the lower one. #djent of the doublet’'s coupling
coefficients in order to modify positions of thearnsmission and reflection zeros can be
performed by changing gap width between tié-wavelength stripline resonators and by

introducing a coupling iris between source and load

Magnitude of S-parameters, dB

L L L
5 6 7 8 9 10 11 12 13 14 15
Frequency, GHz

Figure 6-22: Typical S-parameters of a DLSIW dotible
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6.3.2. Filter Design Example
It is seen from Figure 6-22 that the introducedldetucan be used as a bandpass filter
individually. However, it does not provide enougiwer stopband rejection and upper
slope appears to be very flat. In order to imprstapband performance of the doublet and
add extra transmission and reflection zeros, a fpaslfilter can be built by connecting the

singlet and doublet modules in series.

To retain properties of the singlet and doubldahim modular filter configuration, these two
sections must be connected through an NRN, which ke represented by a uniform
section of the DLSIW with its length smaller thassonant wavelength at the centre
frequency of the filter. Nevertheless, despite gghre NRN, some parasitic effects leading
to conflicting objectives take place. On the onadialistance between singlet and doublet
must be small enough to form an NRN; on the othamndh reduction of the distance
increases parasitic coupling between the striplesonators in singlet and doublet. This
issue can be resolved by placing an inductivebesveen singlet and doublet in order to
provide certain reactance and reduce the levelaodgitic coupling. Complete coupling

scheme of the modular filter with NRN is presente#figure 6-23.

Resonator 1 Resonator 2 Resonator 3

/

Source NRN Load

Figure 6-23: Coupling scheme of the proposed modISIW filter.
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Following specifications have been used for desifjthe modular DLSIW cross-coupled

filter:

» centre frequency: 10 GHz;
e ripple passband: 9.6 — 10.4 GHz;

e return loss: 20 dB;

e transmission zeros: 8.8 GHz, 11.2 GHz and 13 GHz.

Generalized Chebyshev approximation and couplingixnaynthesis procedure yield the

following coupling matrix for the required filter:

Figure 6-24: Layout of the proposed modular DLSIi\térf (top view).

0 1389 0031 0156 0 0 |
1389 0 - 2421 0373 0 0
0031 - 2421 0 071 0 0
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(6.3-1)

Layout of the filter comprises of two layers of dacc RF-35™ £ = 3.5; tai = 0.0018) in

which a DLSIW with slots are organized. Top viewtbé filter's layout is presented in

Figure 6-24. Input coplanar pad on top layer isnemted to a stripline with the widtf

Wsr = 1 mm in the middle metallic layer. The striplipeovides transition to the DLSIW
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with its width and length of\yg = 8 mm and..q = 10 mm respectively. Widths of both
slots in the middle metallization layer e 0.3 mm; lengths of the stripline resonators are
Lres = 3.2 mm. Length of the NRN ikngy = 6 mm. Width of the iris formed by via
cylinders between the S-shaped and hairpin-shdpeslisW,is = 6 mm. Radii of the vias
equalR,ia = 0.3 mm.

Magnitude of S-parameters, dB
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Figure 6-25: Simulated frequency response of tbpgsed modular DLSIW filter.

\
7

Transmission characteristics of the designed orospled filter, simulated in Ansoft
HFSS™, are presented in Figure 6-25. The filteil@thinsertion loss of about 0.9 dB and
return loss better than 16 dB in passband. Adjaclkeamnel rejection of 23 dB is achieved.
The second passband of the filter appears at 14. GHe filter has not been verified
experimentally due to inability of available falaion process to guarantee electric contact
between vias and middle metallization layer.
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6.4. Design of Inline Extracted Pole SIW Filters

In chapter 5 it has been shown that use of EP®sigd of inline extracted pole filters leads
to significant size reduction and stopband perfarceamprovement of bandpass filters. In
this section, an EPS for inline extracted pole SiN&rs will be proposed and an example

of this filter will be presented.

6.4.1. SIW Extracted Pole Section

N
-

Substrate . \
e \I;\\ Taper

\k\\‘\'i\f}l///////Microstrip input
Figure 6-26: Configuration of a SIW EPS.

Configuration of a SIW EPS is presented in Figw266 The proposed EPS consists of a
mushroom-type resonator and an NRN arranged wéltdouble-layer SIW. The resonator
contains a rectangular metallic plate arranged hen rhiddle metallization layer of the
structure, and a metallized via hole which conndwsplate with the SIW’s bottom ground
plane. The NRN is formed by a SIW section whichi-s=tonant frequency is significantly
detuned from the frequency range of interest. CeteEPS contains microstrip inputs and
a taper which provides transition from the micrpstine to the SIW, and performs

corresponding matching.
The proposed EPS, designed using double-layer RoBeroid RT/5880™ substrate

(e, = 2.2, tadd = 0.0009; thicknes3ge = 0.8 mm) with copper metallizatios € 5.810

Sm/m), has been simulated in commercial EM simul&@&T Microwave Studio™.
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Simulated transmission characteristics of a siE& are shown in Figure 6-27. It is clear
from the figure that, in frequency domain, the megd EPS retains the behaviour of EPS
designed for conventional rectangular waveguides (hapter 5) generating a pole-zero
pair; the zero is located in upper stopband.

S-parameters, dB

5 10 15
Frequency, GHz

Figure 6-27: Typical frequency response of a SIVGEP

(b)
Figure 6-28: Field distribution in the proposed ER$ole frequency:

(a) electric field; (b) magnetic field.

Distribution of electric and magnetic fields in tB®S at the pole frequency is presented in
Figure 6-28. It is seen that electric field is cemicated at the top layer of the EPS —
between the metallic plate in the middle of the AW its top ground plane. Magnetic
field oscillates at both top and bottom layers.t&at layer magnetic field is caused by a

current which flows in the post connecting the rtietplate with bottom ground plane.
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The field reaches its maximum right near the padirfg with approach to the resonator’s
edges. The same magnetic field distribution caoldserved in coaxial resonator. At the top
layer of the structure, magnetic field has its miam in the middle, where maximum of the

electric field occurs, and further increases reagmaximum near the resonator's edges. It
should be noted that in Figure 6-28 magnitude efrttagnetic field at the bottom layer is

much larger than one at the top layer.
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6.4.2. Filter Design Example

In order to prove feasibility of the proposed ERS -order inline SIW extracted pole filter

has been designed using the generalized couplieffidents approach introduced in

chapter 5 for conventional rectangular waveguidddfie extracted pole filters. The filter

specifications are defined as follows:

» center frequency: 7.5 GHz;

* ripple passband: 7.25 — 7.75 GHz;

* return loss: 15 dB;

e transmission zero: 13.25 GHz (triple zero).

Development of the filter follows the design proaeslused for the'%order extracted pole

filter presented in section 5.2.2. Therefore, comgpkcheme of the filter can be found in

Figure 5-37. However, in this design three idehtEEBS are used in order to miniaturize

the filter. Each of these EPS generates a trangmigero at the same frequency, and the

filter has a single zero repeated three times. (adimed Chebyshev approximation and

subsequent synthesis procedure result in the follpwoupling matrix for the SIW filter to

be implemented:

0o 1 0

1 -11633 14475

0 14475 -1801
vol0 1 0

0 0 0

0 0 0

0o 0 0

0o 0 0

0 0

1 0

0 0
-17819 1791
1791 -1801

1 0

0 0

0 0
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Figure 6-29: Layout of the inline SIW extiat pole filter (top view).

Parameter Value, mm Parameter Value, mm
A 2.4 Wio 5
B 4 Wins 2
ng 10 VVtaper 4
Lnrnl 6 Rvia 04
Lnm2 5.3 Liotal 27.3
I-nrn3 6 Tdiel 0.8

Table 6-3: Dimensions of the inline SIW extractededilter (see Figure 6-28).

Top view of the filter's layout is presented in &ig 6-29 together with its main

geometrical design parameters denoted; valuessétharameters can be found in Table 6-
3. The structure contains two stacked layers of dodouroid RT/5880™ substrate

(er = 2.2, tad = 0.0009) with thickness ofge = 0.8 mm. Three identical mushroom

resonators are organized within the bottom layargusectangular metallic plates and via

holes. Top wall metallization of the SIW with tapdrmicrostrip-to-SIW transitions are

formed on the top layer. Side walls of the SIW amdlictive irises between adjacent EPS

are represented by metallized via holes.
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The filter has been simulated in Ansoft HFSS™ safty results of this simulation are
shown in Figure 6-30. The filter shows about 1.4id8ertion loss, and return loss better
than 15 dB in passband. Adjacent channel 7.9 -G8 is rejected by 20 dB. The filter

exhibits wide upper stopband — the next passbaogrsat about 17 GHz.

S-parameters, dB
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Figure 6-30: Simulated S-parameters of the inling Sxtracted pole filter.
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6.5. Summary

In this chapter a problem of development of miniaied SIW cross-coupled filters with
improved performance using advanced design teckajquutlined in the previous chapters,

has been discussed.

In section 6.2 compact FSIW resonators with Hfactor have been introduced; a novel
negative coupling structure for application in FSlgvoss-coupled filters has been
proposed. Performance of the negative couplingstre has been demonstrated in"a 4
order cross-coupled filter with/2- andA/4-wavelength FSIW resonators which has been
designed, fabricated and tested. Experimental &ecy response of the filter has shown
poor agreement with the simulated one due to imateuabrication. Particularly, failure
analysis has shown that the middle metallizatigedavas not connected electrically to the
vias. The main reason of this error is unavailgbif practical experience at fabrication of
the multilayer PCB. The experimental verificatiomshbeen repeated several times;
however the results did not show any further improent. Therefore further fabrications
of the multilayer SIW structures have been abandlor@espite the unsatisfactory
agreement of the curves, it can be concluded fl@ravailability of good transmission that

the proposed negative coupling structure showswategerformance.

In section 6.3 design of modular filters using S¥ehnology has been considered. Singlet
and doublet modules with embedde@t-wavelength stripline resonators have been
proposed and implemented using DLSIW. A%@&der modular filter with three
transmission zeros in both stopbands has beenndekigy cascading the singlet and the
doublet through an NRN.

Finally, in section 6.4 an EPS with mushroom resmnhas been proposed for realization
in double-layer SIW technology. Inline extractedepfilter with NRN using the proposed

EPS has been designed by the GCC extraction taghnichich has been previously
presented in this thesis. Performances of therdilkeve not been verified experimentally

due to numerous problems occurred with the mukd3CB fabrication process.
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CHAPTER 7

CONCLUSION AND FUTURE WORK

7.1. Conclusion

The aim of this work was to develop miniaturizedghhperformance, and easy-to-design
and fabricate filters for wireless applicationsngsiconventional and substrate integrated
waveguide technologies.

In chapter 2 an overview of electromagnetic thewith regards to wave propagation in
rectangular waveguides has been given. Configursitiparameters and characteristics of

conventional and substrate integrated waveguides baen briefly outlined.

Chapter 3 has provided an overview of the filtesigie flow. Methods of approximation,
lowpass prototype and coupling matrix synthesisdioect- and cross-coupled filters and
subsequent frequency mapping have been presemtdaleids of filter implementation and
optimization using CAD have been considered.

In chapter 4 a solution for inline modular filtensplementation in conventional rectangular
waveguide using E-plane metallo-dielectric inséds been presented. Compact singlets,
doublets and higher-order filtering modules, capalof improving filter stopband
performance by generating transmission zeros hage mtroduced. Modular bandpass and
dual-band filters using the filtering modules cocted in cascade through NRN have been
designed, fabricated and tested. Despite the fiwit errors occurred, the measurements

have proven adequacy and applicability of the psegasolutions.
In chapter 5 inline extracted pole filters have rbedesigned and implemented in

conventional rectangular waveguide using E-plahenatal and metallo-dielectric inserts.

Theoretical model of E-plane EPS structures has beegeloped; several E-plane EPS have
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been proposed for implementation; the individuaSHRave been thoroughly investigated;
dual-mode EPS capable of generating a transmiszon in lower stopband has been
developed as a result of theoretical investigati®aneralized coupling coefficients have
been introduced and applied in design of extrapted filters with NRN. For this purpose,
expressions for extraction of the GCC from freqyemsponses of single and coupled EPS
have been derived using the schematic circuit motlthe EPS. Several design examples
of compact bandpass filters with improved stopbaeidormance have been presented. The
measured transmission characteristics of the dilkerve shown quite good agreement with
the simulated ones. Particularly, the experimen¢gponse of the extracted pole filter
realized by means of an all-metal insert has shexaellent agreement with the simulation.
Therefore it can be concluded that the proposed @gction technique provides good
initial values for the further CAD optimization tfe filters with cascaded EPS.

In chapter 6 attention has been paid to developmérBIW filters using the design
techniqgues employed in chapters 4 and 5 for conwaait rectangular waveguide filters.
FSIW cross-coupled filter with a new negative cauplstructure has been designed,
fabricated and tested. The obtained experimenglltee allow stating that the negative
coupling structure performs adequately; howeveragent of the simulated and measured
S-parameters has been clearly unsatisfactory dusptmting significant fabrication errors.
Configurations of DLSIW singlet and doublet usitigpdine resonator have been proposed
as filtering modules for SIW technology; moduldtefi with NRN using cascaded singlet
and doublet has been developed. EPS with mushresonator for multilayer SIW has
been presented; inline extracted pole bandpassr filith wide stopband has been
successfully designed using the proposed GCC dixtratechnique. Performances of the
latter filters have not been verified experimentalle to inability to fabricate the required

multilayer PCB using the available equipment.

This chapter concludes the thesis contributions affieirs recommendations for future

work.
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7.2. Contributions of the Thesis

The following contribution has been made in thissik:

Development of a new class of compact modular etospled filters with

improved stopband performance using NRN in coneeali and substrate
integrated waveguides. Singlets, doublets and higheder module structures
using stripline resonators and septa have beenopedp Coupling matrix
extraction procedure by numerical optimization &en realized. Compact

filters composed of the developed modules have Hesigned.

Development of a model of improved E-plane resasateith embedded S-
shaped resonators and SRR, and its representatiarsengle EPS. Application
of GCC to the model of EPS with NRN has been peréat. GCC extraction

procedure from measured or simulated frequencyoresgs of single or
interacting EPS has been developed. New EPS wahemwavelength and SIR
stripline resonators have been proposed for coiv@ltrectangular waveguide;
new EPS with mushroom resonator has been develtmpe8IW. Dual-mode

EPS with a transmission zero in lower stopband theen designed. Several
inline extracted pole bandpass filters with stogb@erformance improved by

transmission zero have been designed using the &@@ction technique.
Development of a new negative coupling structure F&IW cross-coupled

resonator filters. The structure has been designedstigated and successfully

applied in design of a cross-coupled filter usit8)W resonators.
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7.2.1. Modular Cross-Coupled Filters with NRN

Several examples of modular cross-coupled filteith WRN have been designed and

implemented in conventional and substrate intedrai@veguide technologies.

In conventional waveguide, a doublet with centegjérency of 8.15 GHz and passband of
7.9 — 8.4 GHz with two transmission zeros in bdtipbands has been realized using two
electrically coupled hairpin resonators and a sepauranged on a metallo-dielectric E-
plane insert; a %order cross-coupled module with two hairpin, twshaped resonators
and two parallel septa has been designed for cérdgguency of 10.4 GHz and ripple
passband of 10.1 — 10.7 GHz using several metadledtric inserts. The filtering modules
have been designed using the coupling coefficiertsaction procedure by optimization;
the program for this extraction procedure has l#mreloped in MATLAB™ by author.
Implementation of internal couplings between hairphd I-shaped resonators in tH& 4
order filtering module has been performed by tladitronal coupling coefficient extraction
technique. #-order inline modular E-plane filter with four trsmission zeros has been
designed by cascading two doublets through an N&Rtjal-band E-plane filter has been
implemented taking advantage of parallel conneabibtwo doublets shielded by a septum
between them.

In SIW, singlet and doublet structures have beeveldped using quarter-wavelength
stripline resonators arranged within the middle attieation layer of a DLSIW. B-order
modular filter with three transmission zeros hagrbelesigned at centre frequency of
10 GHz with 800 MHz ripple bandwidth by cascadihgge two modules through an NRN
represented by a waveguide section with an iris.

The presented filters exhibit enhanced stopbanébqmeance, improved by introducing
transmission zeros, and compactness in comparisitim their all-pole counterparts.
However, this has been achieved at the cost oéasad insertion loss due to use of basic
stripline resonators with lower unload@eactor.
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7.2.2. E-plane and SIW Extracted Pole Filters

Recently proposed compact E-plane resonators imegdrolly embedding S-shaped
resonators and SRR between their input and outpptashave been successfully
represented by an EPS model which contains a remoaad an NRN connected through
admittance inverters. GCC concept introduced foaratierizing couplings between
resonating and non-resonating nodes has been applihe EPS model. New expressions
for GCC extraction from simulated or measured fesmy responses of individual EPS,
cascaded pairs of EPS or cascaded EPS and resohat@ been developed as a result of

analysis of the proposed EPS model.

Several new EPS configurations have been propasedse in conventional and substrate
integrated waveguide filters. For conventional aegular waveguide, compact E-plane
inserts with embedded quarter-wavelength and S#enators have been developed. New
dual-mode EPS for implementation of lower stopbadsmission zero has been designed
based upon analysis of the EPS model. For SIW egpmins, a multilayer mushroom

resonator based EPS has been developed.

The proposed EPS have been employed in designvahedd inline extracted pole filters
with NRN. A few design examples have been presemtedder to cover the whole range
of the presented EPS“®rder filter with three quarter-wavelength resonstbased EPS
connected in series has been designed for cemtgeidncy of 9.45 GHz with 0.3 GHz
ripple bandwidth using an all-metal E-plane insertonventional waveguide; anothéf-3
order three-EPS filter with 0.4 GHz bandwidth a¢ thame centre frequency has been
implemented by employing EPS with embedded S-shapsdnators using a metallo-
dielectric insert. Dimensions of these filter stures have been found by applying the new
GCC extraction technique. Extracted pole filterhahe dual-band EPS has been partially
designed by optimization. Compact SIW inline extedcpole filter with centre frequency
of 7.5 GHz and 0.5 GHz bandwidth, exhibiting a wedepband, has been developed using

the new mushroom resonator based EPS.
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7.2.3. Negative Coupling Structure for FSIW Resonators

New configuration has been developed for implentemtaf negative coupling coefficient

between adjacent FSIW resonators. The main advargaghe structure is that it allows
diversifying a set of realizable cross-coupled togies due to an opportunity to integrate
the negative coupling element at all the regioner@maximum amplitude of magnetic

field is observed.

In order to demonstrate feasibility of the proposteiment, a %-order bandpass filter with
centre frequency of 10 GHz and 500 MHz ripple badtiwhas been designed usingf-

and quartewvavelength FSIW resonators. Implementation offitber has been carried out
by extraction of conventional coupling coefficiefistween pairs of adjacent resonators.
Despite that the experimental frequency responseshawn poor overall agreement with
the simulated one, the evidently generated trarssomszeros suggest that the presented

configuration provides negative coupling betweendbrresponding resonators.
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7.3.Suggestions for Future Work

Ideas for further improvement of filter performascesing the structures proposed and
investigated in this thesis are divided into thgeaups.

For modular filter design using conventional E-glavaveguide technology:

» Design of modular filters with NRN using singlets;

e Development of new singlets for generation of lovggonpband transmission
zeros using standard septa;

e Investigation of new modules with split septa whishould generate an
additional transmission zero due to introducingemiency dependent source-
load coupling;

» Investigation of possibility to use O-shaped resorsain higher-order modules
with parallel septa in order to provide magneticuming with adjacent
resonators at both input and output;

» Investigation of possibility to realize cross-caegbltopologies in the main path
of higher-order filtering modules with parallel $#pn order to generate more
transmission zeros in stopbands;

* Investigation of possibility to design multimoddtdr described by transverse

matrix using a single septum.

For inline extracted pole filters with NRN:

* Investigation of properties of E-plane EPS with nesonators (O-shaped, I-
shapedetc);

» Development of rigorous GCC extraction proceduradiml-mode EPS;

 Development of a GCC extraction procedure not magyi frequency

normalization.
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For SIW filters:
» Design, investigation and application of multimdei\W cavity resonators;

* Investigation of possibility to design a balundiltusing DLSIW and modular

filter design principle.
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